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Millimeter wave (mmWave) and Tera-Hertz (THz) communications are promising technolo-
gies for next generation wireless communication systems. However, their transceivers suffer
high cost and high power consumption. On the other hand, the coexistence between wire-
less communication systems and wireless passive services (i.e., radio astronomy systems
(RASs)) is an issue. This dissertation develops spectrum and energy efficient designs for
mm Wave/THz transceivers and proposes a new coexistence paradigm between wireless com-

munication systems and RAS.

The first part of the dissertation proposes hybrid analog-digital precoding designs for mul-
tiuser millimeter wave systems with different hardware complexities and different types of
channel knowledge to enhance physical layer security and maximize average network sum-
rate. The proposed hybrid precoders achieve performance comparable to that of the fully

digital precoding with much hardware-complexity reduction.

The second part of the dissertation studies nonlinear THz communication systems by incor-
porating the nonlinearity aspects of the low-cost THz devices and the inphase and quadra-
ture (I/Q) imbalance effect into the signal model. The proposed precompensation schemes

overcome the prominent problems experienced in the existing THz systems, namely severe

vi



nonlinear distortions of the modulation symbols as well as spectral spreading and/or large

spectrum sidelobes,; and mitigate the I/Q imbalance effect.

The third part of the dissertation proposes a new spectrum sharing paradigm between cel-
lular wireless communications (CWC) and radio astronomy systems (RAS) which enables
geographical and spectral coexistence between CWC and RAS. The proposed paradigm of-
fers: 1) certain guaranteed spectrum access to RAS, which is impossible in the existing
paradigm, 2) capability to handle higher peak and mean traffics to CWC under spectrum
restructuring of both CWC and RAS bands, and 3) overall improved spectrum utilization.
Furthermore, a shared spectrum access strategy for RAS and WiFi systems is also developed

by modifying the distributed medium access protocol.
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CHAPTER 1

INTRODUCTION

1.1 Background

Next generation wireless communication systems demand an exponential increase in data
rate. The spectrum available in the microwave band is too scarce to answer such data
rate need. This leads to a potential use of the underutilized millimeter-wave (mmWave)
band (ranging from 30 GHz to 300 GHz [109]) and Tera-Hertz (THz) band (ranging from
0.1 THz to 10 THz [119]). On the other hand, radio astronomy systems (RASs) make
astronomical observations in all available atmospheric windows ranging from 2 MHz to 1000
GHz and above [55]. In this dissertation, on one hand we develop energy-efficient designs for
mm Wave/THz transceivers for next generation wireless communication systems, and on the
other hand we propose a new coexistence paradigm between wireless communication systems
and RAS.

Millimeter-wave communications can support multiple Gbps data rates, but since the
carrier frequencies are so high, mmWave links suffer higher propagation path loss. Antenna
arrays can be used to compensate such losses [I09]. Tens of antennas can be packed into
a small area in mmWave transceivers due to the tiny wavelength. However, implementing
a separate radio-frequency (RF) chain for each antenna is impractical due to the high cost
and power of mixed-signal devices. An efficient solution to reduce the hardware complexity
and the power consumption is the hybrid analog-digital precoding, where the antenna array
with Nt elements is connected via an analog RF precoder to Ngr RF chains (Ngp < Nr)
which process the digitally-precoded transmitted streams [12]. The hardware constraints of
the RF precoder and the coupling between the baseband and RF precoders make the design
of the hybrid precoders challenging, and we address this issue in this dissertation.

The THz band is one of the least explored areas. It exhibits unique features unavail-

able in the frequency bands of current and near-future communication systems. It can



accommodate detection of specific types of gaseous molecules in targeted environments, thus
enabling various applications including breath analysis for non-invasive medical diagnosis
and indoor/industrial air quality control [118, 15T 117, 88, (2, 114, 110, 115, 125]. The
THz band offers substantially larger bandwidth and data rates not feasible in the current
and 5G communication systems, thus the IEEE 802.15 Task Group 3d is developing a THz
communication standard for applications such as wireless kiosks for multimedia and soft-
ware download, small-cells wireless fronthaul and backhaul, and for data centers. The small
form-factor of THz circuits also enables chip-to-chip or within-device communications and
enhanced beamforming for physical layer security of wireless communications. These advan-
tages are very attractive but for broader consumer applications the major barrier is the cost
of THz devices. Signal generation circuitries for low-cost THz devices are different from the
conventional ones of the lower frequency bands. This is due to unavailability of THz oscil-
lators and THz CMOS power amplifiers which is commonly known as “the THz Gap” [102].
Thus, low-cost THz transceivers rely on nonlinear devices in contrast to the linear devices
of the lower frequency bands and they suffer from nonlinear distortions. In this dissertation,
we develop solutions to this problem.

Spectrum sharing has been viewed as an efficient approach for enhanced spectrum uti-
lization 103, 38]. Some progresses have been made for releasing and relocation of some of
the federal radio spectrum, e.g., [103], and some rule making for shared spectrum access
and management, e.g., [38]. The obvious trend is that the active usage of the radio spec-
trum will rise substantially across time, frequency and space, which is much desirable from
the spectrum utilization perspective but it could cause harmful radio frequency interfer-
ence (RFI) to passive services such as radio astronomy and earth exploration remote sens-
ing. These passive services provide economically and scientifically important observations
of Earth’s environment, our solar system and the cosmos (e.g., weather/climate forecast-

ing, fresh water resources, discoveries of pulsars, cosmic microwave background radiation,



gigantic molecular clouds where new stars are being born, active galactic nuclei where giant
black holes reside, or solar flares affecting infrastructures and lives on Earth) [91]. Due to
their benefits to society, several of the ITU-R recommendations stipulate for protection of
them [97] [72], [55], 59, 56 61, 57, 126]. Thus, it is very crucial to develop new spectrum shar-
ing paradigms between the active wireless communications and the passive remote sensing
systems that answer the needs of both types of systems. We also address this issue in this

dissertation.

1.2 Outline and Contributions

In the first part of the dissertation (chapters , and , we propose hybrid analog-digital
precoding designs for multiuser millimeter wave systems with different hardware complexities
and different types of channel knowledge to enhance physical layer security and maximize
average network sum-rate. The proposed hybrid precoders achieve performance comparable
to that of the fully digital precoding with much hardware-complexity reduction.

In the second part of the dissertation (chapter [5)), we study nonlinear THz communication
systems by incorporating the nonlinearity aspects of the low-cost THz devices and the inphase
and quadrature (I/Q) imbalance effect into the signal model. The proposed precompensation
schemes overcome the prominent problems experienced in the existing THz systems, namely
severe nonlinear distortions of the modulation symbols as well as spectral spreading and/or
large spectrum sidelobes, and mitigate the I/Q imbalance effect.

In the third part of the dissertation (chapters |§| and , we propose a new spectrum
sharing paradigm between cellular wireless communications (CWC) and radio astronomy
systems (RAS) which enables geographical and spectral coexistence between CWC and RAS.
The proposed paradigm offers: 1) certain guaranteed spectrum access to RAS, which is
impossible in the existing paradigm, 2) capability to handle higher peak and mean traffics to

CWC under spectrum restructuring of both CWC and RAS bands, and 3) overall improved



spectrum utilization. Furthermore, a shared spectrum access strategy for RAS and WiFi

systems is also developed by modifying the distributed medium access protocol.

1.3 Notations

The following notations are used throughout this dissertation: A is a matrix, and ||A|| is
its Frobenius norm. a is a vector, and ||a]| is its [2-norm. a is a scalar. ()" and (-)" are the
transpose and conjugate transpose operators respectively. Iy is the identity matrix of order
N. Tr[A] denotes the trace of A. €., [A] is the principal eigenvector of A, and A\yax [A] is

the corresponding maximum eigenvalue, while €.y [A] is the first N principal eigenvectors of

A. N [A] returns the orthonormal basis of the null space of A. diag (ai,as,...,ax) returns
the diagonal concatenation of elements ay, as, . . ., ay, while blkdiag (A4, Ag, ..., Ay) returns
the diagonal concatenation of block matrices Ay, Ay, ..., Ay. gcd(aq,as) is the greatest

common divisor of a; and as. P(x) and E (z) denote the probability and expectation of x.
x ~ CN (0,X) means that x is a circularly-symmetric complex Gaussian random vector with
zero mean and covariance matrix X. QR {xz} is the real part of z. & denotes the estimate
of x. We use x to denote the convolution operation. We use MATLAB notations, where
a(i: j) consists of the i to the 5™ clements of a, A (i, ) denotes the (i,7)™ element of A,
A (i : j,m) consists of the i to the j® elements of the m'™ column of A, A (i,:) consists of
the i*" row of A, and A (i : j,:) and A (3,4 : j) consist of the i*® to the j® rows and columns

of A respectively.
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CHAPTER 2

SECURE HYBRID PRECODING FOR MMWAVE MISO-OFDM SYSTEMS [
2.1 Introduction

Due to the broadcast nature of wireless links, wireless communication is susceptible to eaves-
dropping. As a result, physical layer security has recently gained a lot of interest in the
literature especially for multiple-antenna systems. The spatial degrees of freedom can be ex-
ploited to enhance the main channel and degrade the channels to eavesdroppers (Eves). This
enhances the secrecy rate which is defined as the minimum difference between the achievable
rate of the main channel and each achievable rate of the channels to Eves [I16]. This chapter
develops hybrid precoding designs for physical layer security in mmWave systems.

With full channel knowledge at the transmitter (Alice), the beamforming strategy was
proven to achieve the secrecy capacity when the intended receiver (Bob) has a single antenna
[75]. A semidefinite programming (SDP) framework was developed in [76] to maximize the
secrecy rate with perfect or imperfect channel knowledge and multiple eavesdroppers with
multiple antennas. The generation of artificial noise (AN) on the null space of the main
channel was also introduced to degrade only the channels to Eves. If Alice does not have
any knowledge of the channels to Eves, AN is uniformly spread on the null space of the main
channel (isotropic AN) [92]. With partial channel knowledge at Alice, spatially-selective AN
on the null space of the main channel is generated to effectively degrade the channels to Eves
[42], [78]. We note that the works in [75, 76, 92], [42] [78] were restricted to secure baseband
precoding with full RF chains.

As for secure RF precoding, previous works have focused on directional modulation (DM).

In [28 29], the RF precoder is designed such that the transmitted symbol is correctly mod-

1© 2017 IEEE. Reprinted, with permission, from Yahia R. Ramadan, Hlaing Minn and Ahmed S. Ibrahim,
“Hybrid Analog—Digital Precoding Design for Secrecy mmWave MISO-OFDM Systems,” in IEEE Transac-
tions on Communications, vol. 65, no. 11, pp. 5009-5026, Nov. 2017.



ulated along the desired direction while the signal constellation is distorted along the other
directions. The antenna subset modulation (ASM) proposed in [I30] adopts the same idea
besides choosing a different subset of antennas at each symbol. Using this approach, an
additional randomness in the constellation along the other directions is introduced. How-
ever, previous works in [28] 29| [130] consider only the case that Alice has a single RF chain
and the channels are line-of-sight (LOS). The first work to consider secure RF precoding for
frequency-selective channels was in [107], where the RF precoder is designed to maximize
the secrecy rate with full or partial channel knowledge at Alice. However, the work in [107]
considers only the case that Alice has a single RF chain, and lacks designing the hybrid
precoder if Alice has multiple RF chains.

With partial channel knowledge at Alice, the sparse structure of mmWave channels was
exploited in [60] to generate spatially-selective AN to minimize the secrecy outage probability.
However, the work in [66] was also restricted to secure baseband precoding with full RF
chains. The first work to consider secure hybrid precoding was in [I53], where the baseband
preocder is designed to generate isotropic AN, and the RF precoder is designed to enhance
the main channel. However, the work in [153] considers only the case that Alice does not
have any knowledge of the channels to Eves and the channels are flat fading. The security
aspect for two-way relaying was considered in [4§], where the source nodes have multiple
antennas connected to a single RF chain while the relay has multiple antennas connected
to two RF chains, and the secure RF precoders are designed to maximize the secrecy rate.
The works in [66], [153], 48] were restricted to flat fading channels, but mmWave channels are
likely to be frequency-selective due to the large transmission bandwidth [96]. To the best
of our knowledge, secure hybrid precoding for frequency-selective mmWave channels with
full or partial channel knowledge has not been developed in the literature. For flat fading
channels, the hybrid precoder can be desgined per symbol. However, for frequency-selective

channels, the RF precoder has to be fixed across the subcarriers of orthogonal frequency



division multiplexing (OFDM) symbol as it is applied in the time domain, while the baseband
precoder is designed per subcarrier [0], thus creating a different design problem. Since we
assume that Alice has some knowledge of the channels to Eves, we consider secure hybrid
precoding using the beamforming strategy. Incorporation of AN in our framework requires
a different development than the existing AN works, and hence we introduce it in chapter 2.

In this chapter, we investigate the hybrid precoder design in mmWave multiple-input
single-output (MISO) systems for physical layer security. We consider two types of channel
knowledge at the transmitter. With full channel knowledge at Alice, we design the hybrid
precoder to maximize the secrecy rate. With partial channel knowledge at Alice, we de-
sign the hybrid precoder to maximize the secrecy throughput. Our main contributions are

summarized as follows:

e With full channel knowledge at Alice, we provide sufficient conditions on the minimum

number of RF chains needed to realize the performance of the fully digital precoding.

e By maximizing the average projection between the fully digital precoder and the hy-
brid precoder, we propose a low-complexity closed-form hybrid precoder design which
achieves exactly the same performance of the alternating minimization algorithms in

[146].

e We extend the conventional projected maximum ratio transmissions (P-MRT') scheme
to realize the hybrid precoder. We propose two P-MRT schemes. The first P-MRT
scheme nulls the channels to Eves at time domain (TD-PMRT'), while the second P-
MRT scheme nulls the channels to Eves at frequency domain (FD-P-MRT). The two
schemes TD-P-MRT and FD-P-MRT have different regions of feasibility. We define our
P-MRT as an adaptive scheme that applies the one with higher secrecy rate between

TD-P-MRT and FD-P-MRT for each channel realization.



e We propose an iterative hybrid precoder design to maximize the secrecy rate. The
optimal baseband preocder is obtained as a function of the RF precoder. As a result,
we write the secrecy rate as a function of the RF precoder only. Then, we propose a

simple gradient ascent algorithm to design the RF precoder.

e With partial channel knowledge, where Alice has full knowledge of the channel to
Bob but has knowledge only of the angles of departure (AoDs) of the propagation
paths to Eves, we derive a secrecy outage probability upper bound. We convert the
secrecy throughput maximization problem into a sequence of secrecy outage probability
minimization problems, each is solved for a fixed target secrecy rate. Then, we propose
an alternating minimization algorithm, based on gradient descent, to minimize the

secrecy outage probability.

e We present extensive simulation results to show that the proposed hybrid precoding
designs achieve performance close to that of the fully digital precoding at low and
moderate signal-to-noise ratios (SNRs), and sometimes at high SNRs depending on

the system parameters.

The rest of this chapter is organized as follows. In section II, we describe the system and
the channel models. In section III, with full channel knowledge at Alice, the hybrid precoder
is designed to maximize the secrecy rate. In section IV, with partial channel knowledge at
Alice, the hybrid precoder is designed for secrecy throughput maximization. In section V,

we present the numerical results. Finally, section VI concludes this chapter.
2.2 System and Channel Models

2.2.1 System Model

We consider a secrecy mmWave MISO-OFDM system with K single-antenna receivers as

shown in Fig. 2.1 The transmitter (Alice) sends a confidential message to the first re-
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Figure 2.1. Secrecy mmWave massive MISO-OFDM system with K — 1 eavesdroppers.

ceiver (Bob), while the rest K — 1 receivers are eavesdroppers (Eves). We assume that the
transmitter is equipped with a uniform linear array (ULA) with Nt antennas. The spacing
between antennas is half the wavelength. To reduce the hardware complexity and the power
consumption, the uniform linear antenna array is connected via an analog RF precoder to
Ngrr RF chains (Ngrp < Nt) which process the digitally-precoded transmitted stream.

Due to the large transmission bandwidth of mmWave communications, mmWave channels
are likely to be frequency-selective. Hence, OFDM is one of the most appropriate modulation
techniques as it can convert the frequency-selective fading channel into a number of parallel
flat fading subchannels. The received signal y,; at the n'' subcarrier and k™ receiver is
given by

Ynk = Dy tFrefensn + 20k, (2.1)

where h,, ;. € CY*M1 is the mmWave frequency domain channel at the n'™ subcarrier to the k™
receiver, Frp € CVt*Nre jg the analog RF precoder, fe. € CNrex1 g the digital baseband
precoder at the n'! subcarrier, s, is the transmitted modulated symbol with E [|sn|2} = Pr,
and z,y, is the zero-mean additive white complex Gaussian noise with variance o? at the

th subcarrier and the k' receiver. Since the analog RF precoder Fry is applied in time-

n
domain, it is fixed across the subcarriers of OFDM symbol. On the other hand, the digital

baseband precoder fgg,, is designed per subcarrier since it is applied in frequency-domain.

10



The RF precoder Frr and baseband precoder fgg, have to be designed jointly due to the
coupled power constraint, |[Frefap,||” = 1 Vn € {1,2,... Nc}, where Ng is the number of

subcarriers.
2.2.2 Channel Model

Millimeter-wave channels are expected to have limited scattering [145], [141]. Therefore, we
adopt the sparse geometric multipath channel model in [T13]. Under this model, the discrete-

time channel vector hy € C™NT at time instant ¢ to the k™ receiver is given by

L
hy =/ Nr ) agafid (t— 7)., (2.2)
=1

where L is the number of propagation paths, oy and 7, are the channel gain and delay (in
samples) of the the ["! path to the k™ receiver, {a;;} are independent complex Gaussian
random variables with zero-mean and power delay profile {p1, p2, ..., pr}, a;x is the transmit

steering vectors of the [ path to the k'™ receiver with azimuth angle of departure (AoD) of

Sol,lm
1
Vv Nt

and ¢ (t) is the Dirac delta function. Assuming perfect synchronization, the frequency domain

[1,e7meostonn) e*jﬂ'(NTfl)COS(W,k)]T : (2.3)

a =

channel vector h,,; at the n' subcarrier to the k'™ receiver is given by

L
h, = /Nr > oppafiwn e, (2.4)

=1

—j2r(n—1)7

N ) The frequency domain channel vector

where wy, ;1 is defined as wy,;; = exp <

h,, ; can also be written in a compact form as
hn,k = Wn,kaA!—II‘,k’ (25)

— 1xL I LXxL
where Wy, = [Wn 1k, Wnok,---sWnrk) € CF Dy = diag (a1 x, g, ..., ap) € C*F and

At € CNtXL jg the transmit array response matrix to the k™ receiver given by

AT,k; = [31,1:, DN PIN 7aL7k] . (2-6)

11
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Figure 2.2. Analog RF precoding structures.

2.2.3 Analog RF Precoder Structures

The analog RF preocder Frp is usually implemented using analog phase shifters and analog
combiners. Four structures for the analog RF precoder are shown in Fig. The fully-
connected structure F1 requires 2 Ngp(Nt — Ngp + 1) analog phase shifters and Ngp(Np —
Ngr) + Nt analog combiners [19], while the fully-connected structure F2 requires Nt Ngp
analog phase shifters and Nt analog combiners. The subarray structure S1 requires 2Nt
analog phase shifters and Nt analog combiners, while the subarray structure S2 requires
only Nt analog phase shifters.

In [19], it was shown that the fully-connected structure F1 has no constraints on the
entries of Frr. Each non-zero entry of Frp can be expressed as a sum of two analog phase
shifters. The other three structures have constraints on the entries of Frr. For the fully-

connected structure F2, we have |Frp (I,m)| = 1 VI, m. For the subarray structure S1, Frg

12



has to be expressed as

frps 0 - 0
0 fRRQ O .
Fgrr = . , (2.7)
0 0
I 0 s 0 fRENG, |
N
where frp, € CNTxTFXl Vr € {1,2,..., Ngp}. Similarly, each entry of frg, can be expressed

as a sum of two analog phase shifters. The subarray structure S2 has the same constraint

in (2.7) and an additional constraint that |frr, (I)] = 1VI. Let us denote by Fhp the set

of all Nt x Ngp complex matrices and by Fiz the set of analog RF precoders satisfying
2

the constraint of fully-connected structure F2, while by Fak and Fha the sets of analog RF

precoders satisfying the constraints of subarray structure S1 and S2 respectively. Note that

Fir C Fap C Fhp and Fip C Fig C Fhp.
2.2.4 Hybrid Precoding Design Problems

The achievable rate Rj, of the k™" receiver is given by

Nc
1
Rk = N_C Z 10g2 (1 + Yy |hn,kFRFfBB,n|2) s (28)
n=1

where v = Pr/o? is the transmit SNR per subcarrier. Throughout the chapter, we assume
that the secure coding is applied jointly across all subchannels (coding across sub-messages
[14]). With full knowledge of all channels at the transmitter, maximizing the secrecy rate
Rgec given by [110]

Rye = min {Ry — Ri}iC, (2.9)
is preferred. With full knowledge of the channel to Bob and partial knowledge of the channels

to Eves at the transmitter, maximizing the secrecy throughput 7. given by [143], 13§]

Nsec = Rsec (]— - Esec) (210)
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is preferred, where €. is the secrecy outage probability.
The subsequent parts of the chapter focus on designing the secure hybrid precoder for

the the aforementioned two types of channel knowledge at the transmitter:

1. With full knowledge of all channels at the transmitter, section III focuses on designing

the hybrid precoder to maximize the secrecy rate R,

[Frr, {fepn}] = argmax R,
FR.F,{fBB,n}
s.t. Frr € Frr, HFRFfBB,n”2 =1Vn. (211)

2. With full knowledge of the channel to Bob and partial knowledge of the channels
to Eves at the transmitter, section IV focuses on designing the hybrid precoder to

maximize the secrecy throughput 7.,

[FRF7 {fBB,n} ) Rsec] = arg max Nsec
FRFa{fBB,n}aRsec
s.t. Frr € Frr, HFRFfBB,nH2 =1Vn. (212)

Note that for the two hybrid precoder design problems in ([2.11)) and (2.12), Frr can be Fit,
FE2 FRL or FiZ according to the used structure. We consider all the four structures in our

solutions.

2.3 Hybrid Precoder Design for Secrecy Rate Maximization with Full Channel

Knowledge

In this section, the hybrid precoder is designed to maximize the secrecy rate R for a given
transmit SNR per subcarrier 7. We assume that Alice has full knowledge of the channels
to Bob and to Eves. Bob and Eves have full knowledge of their channels to Alice. These
assumptions become realistic if Eves are active nodes which have communicated with Alice

[152]. Furthermore, we assume that Eves do not cooperate.

14



2.3.1 Fully Digital Precoding Design and the Minimum Number of RF Chains

to Realize It

When Ngr = N, Alice applies fully digital precoding to maximize the secrecy rate Ree.. The
optimal baseband precoder can be obtained by solving the optimization problem in ([2.11))
using semidefinite programming (SDP) as in [76]. As a closed-form near-optimal solution,
we assume that Eves cooperate with each other. Therefore, the K — 1 Eves are considered
as one Eve with K — 1 antennas. Note that this approximation gives a secrecy rate lower

bound Rsec, which can be written as

Nc 2
D 1 1+7|hn1fotn|
Rye = — Y log - O , (2.13)
Ne ; ; (1 + 7 [ H o
where H, = [h, hl, ... 7h£K}T € CHE-DxNt and £, € CV*L is the fully digital

precoder. Satisfying the power constraint Hfopt,nH2 =1, f,,t» maximizing (2.13)) is obtained

using generalized eigenvector decomposition as [116]
-1
fopt,n = gmax |:(INT + WHS[Hn) (INT + ’Yhyli1hn,1)] ) (214)

and the corresponding R is given by

N,
- 1 < -1
Rue = <= > log, (Amx [(INT +AHTH,) T (Iy, + yhglhml)}) . (2.15)
¢ n=1
Let us define Fopy = [fopt 1, fopt 2, - - - s fopt.ne] € CNtxNe Next, we provide sufficient condi-

tions on the number of RF chains needed for the hybrid precoder to realize the performance
of fully digital precoding (i.e., expressing Fop as Fope = Frr a1, feB2, - - -, fBB.N])-

Proposition 1. To realize the performance of fully digital precoding, it is sufficient for
the hybrid precoding utilizing the fully-connected structure F1 that Ngp > KL. For the
hybrid precoding utilizing the fully-connected structure F2, the sufficient condition becomes

Nrr > 2K L, and it reduces to Nrp > KL only if all the channels follow the mmWave

channel model in (2.2)).
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Proof. See Appendix A. m

Proposition 2. For the subarray structures, there is no sufficient condition depending only

on the number of RF chains to realize the performance of fully digital precoding.

Proof. See Appendix B. m

For practical system parameters, the above sufficient conditions are not likely to be satisfied.

Next, we provide different hybrid precoder designs to maximize the secrecy rate.

2.3.2 Low-Complexity Secrecy Hybrid Precoding Desgins
Approximating The Fully Digital Precoding (App-FD)

Traditionally, the hybrid precoder is designed to approximate the fully digital precoder by
minimizing the average Euclidean distance between the fully digital precoder and the hybrid
precoder [142] 94, [146]. Different from the average Euclidean distance criterion, we design
the hybrid precoder to approximate the fully digital precoder by maximizing the average
projection between the fully digital precoder and the hybrid precoder. Interestingly, the two
criteria are related to each other, and they have similarity in the design of baseband precoder
(see Appendix C).

In the following, we obtain closed-form solutions for the hybrid precoder maximizing
the average projection between the fully digital precoder and the hybrid precoder. In other

words, the hybrid precoder is designed as

N¢
2
[Frr, {feBn}] = argmax Z £, Frefapa|,
FRF,{fBB,n} n=1
s.t. Fgrr € fRFy ||FRFfBB,n||2 =1Vn. (216)

After applying the power constraint HFRprB,nH2 = 1 into the objective function and drop-

ping the constraint on the entries of the RF precoder, we have

Nc eH H H
fBB n (]:?RFfOPt nfo t nFRF) f5B.1
[Fre, {fsBn}] = argmax : T _opt, ’ (2.17)
FRFv{fBB,n} n=1 fé{Byn (F{—{IFFRF) fBB,n
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Using generalized eigenvector decomposition, fgp, maximizing (2.17) is given by
-1

(FgFFRF) FgFfom,n
1

‘(Ff{FFRF) ? Fiipfoptn

(2.18)

Y

1
fBB,n = Klngmax [(Ff{IFFRF) Ff{IFfopt,nfOI;I)thRF] = ‘

where k,, is a scaling factor to have HFRprBnH2 = 1, and the second equality holds since

(FgFFRF) FRFfopt nfopt o Frr is a rank-one matrix. Substituting (2.18) into -, we get

Nc
-1
Fre = argmax > A [(F{E{FFRF) FgFfopt,nf(gt’nFRp]
RE n=1

= argmax trace
Frr

1 NC 1
(FFr) " P, (2 ff) Pue (R Fre) ]

n=1
N¢

_ H
- 811NRF [ § : foptﬂ’bfopt,n
n=1

For the fully-connected structure F1, as there are no constraints on the entries of Fgp,
the RF precoder is simply given by ([2.19 - Since FE.Frp = Iy, due to (2.19), fzp,, in
(2.18) is simplified to

(2.19)

FH £ .
fep, = ——BEOPD (2.20)
IF R fopt.n

For the fully-connected structure F2, we obtain Fgrr as

N¢
> fopt,nf;;{tﬁn]) : (2.21)

n=1

FRF = exXp <jlglzNRF

which satisfies the unit modulus constraint and is a good approximation to . Then, we
obtain fpp, as in (2.18)) since F rFre # Ingg-

For the subarray structures, FE.Frp = diag (||fRF71||2 , ||fRF72H2 ey ||fRF7NRF||2), and
hence can be solved for each fgp, as

H N¢
fRF,r (Z f opt,n Tfopt n 7") fRF T
frr, = argmax

2.22
frup TS (2.22)

Y

N
where fopt,n,r = fopt,n <<T - 1) NNI;FF +1: TNN_I;FF> S CNilSFXl Vr € {1,2, .. ‘;NRF}' Therefore,

frr - is obtained in a closed-form for the subarray structure S1 as

fRF,r - max [Z fopt n,r opt n r] s (223)
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while fgrp, for the subarray structure S2 is obtained as

N¢
frp, = exp (jggm [Z fopt,n,,nf(gw,]) : (2.24)

n=1

Since FE-Frp = Ing, for the subarray structures due to (2.23)) and (2.24)), fgp,, in (2.18) is
simplified to

H H H T
£ . [fRF,lfoptm,la fRF,Qfopt,n,% s vaF,NRFfopt,n,NRF] 929
BB,n = . (2.25)

Nrr |eH 2
\/ZT’:]. ’fRF7rfOpt,n,7“

Although the average projection criterion and the average Euclidean distance criterion

are slightly different (as shown in Appendix C), we observe in our numerical results that the
proposed closed-form hybrid precoder achieves exactly the same performance of the hybrid
precoder obtained in [146] which applies two nested iterative algorithms to design the hybrid
precoder. The computational complexity of App-FD is O (N3iNg + N2NcK).

Projected Maximum Ratio Transmission (P-MRT)

The main idea of P-MRT is to maximize the average SNR of Bob (mB) in the null space
of channels to Eves [76]. Generally, P-MRT is suboptimal at low and moderate SNRs but
optimal at high SNRs. We will show how to design P-MRT using the hybrid precoder.
Nulling the channels to Eves can be done using the analog RF precoder (at time domain
TD-P-MRT) or using the digital baseband precoder (at frequency domain FD-P-MRT'). The
two schemes TD-P-MRT and FD-P-MRT have different regions of feasibility (as will be
shown). As a result, our P-MRT adaptively selects the better scheme from TD-P-MRT and
FD-P-MRT depending on the system parameters and channel realizations. This will yield

higher secrecy rate.

TD-P-MRT First, we consider the fully-connected structures F1 and F2. For both struc-

tures, it is necessary that Nt > (K — 1) L to apply TD-P-MRT. We express Fry as

Frr = UrrFrr, (2.26)
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where Ugrp = N [AT gves) € CNrx(Nr=(K=1)L) ig 4 unitary matrix in the null space of the

channels to Eves, where A gyes € CNrx(K=DL ig oiven by
(2.27)

At pyves = [Ar2, A7, ..., A k).
We design FRF and fgp, to maximize SNRp given by
2
Nc fé{B n

NC = fé{B,n (FgFFRF> fBB:”

9

<FgFU§Fh£{1hn,1URFFRF> feB.n

7y Ne hn,lURFFRFfBB,n

SNRB - N_
C

n=1 HURFFRFfBB,n
(2.28)

where UgFURF = In,—(k-1)r- Using generalized eigenvector decomposition, fpp, maximiz-

ing (12.28)) is given by
N
N : FifFre)  FffUfleh!]
fBB,nZ/‘éngmax (FRFFRF) FRFURFhmthURFFRF = — 1
| (FitFe) * BlfUgn,

(2.29)

Y

where k,, is a scaling factor to have HFRFfBB,nH2 1, the second equality holds since

NS . _
<F§FFRF> FH U hH h,  UgrpFgr is a rank-one matrix, and the corresponding SNRg is

expressed as

_ Ne S -1 .
SNRp = Nlc S A [(FQFFRF) FHL UL 1hn,lURFFRF}
n=1

1 e N _1
= L trace | (FE Frr) 2 B (Z Ufh!l h, Ugp | Fre (FipFre) 2| . (2.30)
C n=1
For the fully-connected structure F1, Frp maximizing (2.30) is obtained as

N¢

Frr = Einge | U{{thlthRF] (2.31)
n=1

Since F{;fFFRF = Ing, due to (2.31)), fpp,, in (2.29)) is simplified to
FH U
fBB’n — RF RFNn,l , (2‘32)
‘ h, ;UrpFgrr
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which is the well-known MRT precoder for the equivalent channel hnleRFf‘RF. For the
fully-connected structure F2, we need UgpFrp to satisfy the unit modulus constraint. Con-

sequently, we obtain Frp using only half of the number of RF chains as

N¢
Frr = &, v [Z UthTﬁ{IthURF] : (2.33)
2 n=1
FgFUthflﬁ Npp

and fBB’n = € C2 %' Then, URFFRF is decomposed (as described in proof of

Proposition |1)) as URFFRF = QgrrRgp where Qrp € CNT*Ner s with unit modulus entries
and Rpp € RV "5 Finally, we set Frp = Que and g, = Rppfpp, € CVaexL,

For the subarray structure S1, each frp, has to null the channels to Eves. As a re-
sult, we need Ny > Ngp (K — 1) L. However, we may have Ny > (K — 1)L but Ny <
Ngr (K — 1) L. Therefore, we divide the RF chains into Ny distinct groups, each group has
%—FR; RF chains which process the same digitally-preocded symbols, where
Ngr = ged (min({%j,NRp), NRF>. Therefore, we should have Ny > Ngp (K — 1) L

provided that Ny > (K — 1) L. Equivalently, we proceed assuming that we have Ngpr chains,

each is connected to ]%V—T antennas such that Np > NRF (K —1) L. We express fgr, as
RF
frr, = Urp,fre,, (2.34)
AT x (AT (K1) . .
where Urp, = N [AT Eyes,] € CVRE -\ NRE is a unitary matrix in the null space of

the channels to Eves seen by the r™ RF chain group, At pyes, = AT’EVBS( (r—1) NP;FF +1:

Np

r]év—;’: ), and e, € C(NTF (K_l)L)xl

. Let Ugp = blkdiag(Ugrp1, Urro, - - -, Ugp 5, ) €
CNTX(NT*NRF(Kfl)L) and FRF = ‘b]kdjag<f'RF717 fRF,Q, o 7f‘RF,NRF> c (C(NT*NRF(Kfl)L)XNRF’
then we have Frp = UgpFrr, and UffUpp = Iy 5 1y, Therefore, SNRp and fig ,

can also be given by ([2.28]) and (2.29) respectively. Furthermore, SNRp can be simplified to
v Nrp f‘gRr <Zg§1 UgF,rhnH,l,rhn,l,rURF,r> fRF,r

SNRp — —- o , 2.35
’ NC; ik frer (235)
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where h, 1, = h,, ((r - 1) NN_I:F +1: T{V—T> Vr € {1,2, e NRF}. Therefore, we obtain

Nrp
f’RF’T which maximizes ([2.35]) as
Nc
fRF,T = gmax [Z UgF,rthiLrhn,l,rURF,r] . (236)
n=1

Since f‘gFFRF = I, due to (2.36), fzp,, is simplified to

FH H WwH §H H 1H FH H H
[fRF,lURF,lhn,l,h fRF,2URF,2hn,1,2’ ce 7fRF,NRFURF,NRth,1,NRF}

fBB,n )
Nrp P 2
Z’]‘:l hn,l,rURF,rfRF,r

(2.37)

which is the well-known MRT precoder for the equivalent channel hnleRFFRF. Note that
entries of URF,TE'RF,T are not likely to have unit modulus. Moreover, approximating URF,TfRFW
by

exp (jé (URF,TE'RF,T>) results in losing the null space property. Therefore, TD-P-MRT is
not applicable for the subarray structure S2. The computational complexity of TD-P-MRT

is O (N% + NTNRFNC)-

FD-P-MRT For the four structures, it is necessary that Ngrp > K to apply FD-P-MRT.

We express the baseband precoder fgg,, as

fBB,n = UBB,nf‘BB,nu (238>

where Upg,, = N [H,Frr| € CVrex(Vre=(K=1)) i 5 ynitary matrix in the null space of the
equivalent frequency domain channels to Eves H,Frrp. We design Frr and fBB,n to maximize

SNRpg given by

2

SNR gl ZNC hn,lFRFUBB,nfBB,n ¥ Ne f.éqB’n (UgB,anthlhn,lFRFUBB,n) fBB,n
B — N 2 _ ~ = .
NC e HFRFUBB,nfBB,n NC n=1 féIan (UgBaanFFRFUBan) fBBv”

(2.39)
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Using generalized eigenvector decomposition, f'BB,n maximizing (2.39)) is given by

- 1
feBn = Fn€max [(Ugg,anFFRFUBB,n) UgBmnghilhmFRFUBB,n}

‘ J

where k, is a scaling factor to have HFRFfBB,nH2 = 1, the second equality holds since

H H —1r1H H 1.H
(Ul FhirFrrUssy)  Uflp, Fhph,

= 1
H H —2 7TH H H
H (UBB,nFRFFRFUBBﬂ) UBB,nFRth,l

(2.40)

-1 . :
(U, FirFrrUssy)  Ufp, FhiphZ h, FrpUgg, is a rank-one matrix, and the corre-

sponding SNRp is expressed as

N¢
SNRp = Nlc Z Amax [(UgB,anFFRFUBB,n) B Ufls, Fiiphl b, 1 FreUgg,
n=1

Nc
= Nlc Z h,, 1 FreUsg n (Ugp, FreFreUss n) ! UgBmFthgl. (2.41)
=1

Note that Ugp, is a function of Fry, and Fgr is fixed across subcarriers while Ugg,, is
not. Even if we fix Ugp ,,, we cannot get Fryp in a closed-form. Consequently, we cannot get
FRrr in a closed-form or by an alternately optimizing algorithm. As suboptimal solutions, we
obtain Fgy for the fully-connected structures F1 and F2 as in and respectively,
and for the subarray structures S1 and S2 as in and respectively. Then, fgg, is
obtained as in (2.38). The computational complexity of FD-P-MRT is O (N3iN¢ + NipNc).

2.3.3 Iterative Secrecy Hybrid Precoding Design

The drawback of the aforementioned solutions is that they do not directly consider the
original problem in (2.11). In this subsection, we propose an iterative hybrid precoding
design to maximize the secrecy rate lower bound Ry, which gives a near-optimal solution

to the problem in (2.11). The reason why we choose Ry to maximize is that we can write

Rgec as a function of Frr only (as will be shown).

Similar to (2.13)), Rsc can be written as a function of Fry and fpp, as

N¢ 2
. 1 1+ 7 |hy Frefan
R = 3 log, | — 7 [ 1 Frefop, |2 . (2.42)
Ne ~ 1+ 7| H,Frrfapn||
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Applying the power constraint ||Frefsg,.||” = 1 into (2.42)), we get

_ Z £ (FieFre +Fighl 1hy 1Frr) fog,
Sec N f.]QJB n (FgFFRF + PYF HHH FRF) fBB n

(2.43)
Using generalized eigenvector decomposition, fgp, maximizing (2.43) is given by

-1
fomn = FinEma [(FRFFRF + AR HIH, Frp) ' (FE Py + ngthlhn,lFRF)}
E o [(FgFFRF +AFHHIH, Frp) ' (FEFyp + /F A 1hmFRF)]

[P B [ (PP B L Fr) ™ (B + bt b, o) ||

Y

(2.44)

where k,, is a scaling factor to have HFRFfBB7nH2 = 1, and the corresponding R is expressed

as

Zlog2 ( max{ FH Fre + /P HTH, Frp) | (FE Fre + /FE0 b, Fr) D

(2.45)

Now, we can write the hybrid precoding design problem as a function of Frr only as

N¢

1 -1
Frr = argmax — Z log, ( o { (FieFre + yFEHYH, Fry)
Frr
X (FﬁfFFRF + 'VFIP{thHJhn,lFRF) ]),
s.t. Frr € Frr. (246)

It is straightforward to show that Rsec is a non-convex function of Frrp. Moreover, the
constraint is non-convex (except for Frr = Fhp). We propose a suboptimal gradient as-
cent algorithm to design Frr. However, the maximum eigenvalue function A, [X] is non-

differentiable. Since Apax [X] >

= rank rank[X]

——Tr [X], we have

- 1 _

Rsec > N_ Z 10g2 (—TI'|: (FgFFRF + VFI{{FHEHTLFRF) 1 (FgFFRF + ’yFRHthlthFRF) :| ) .
€=

(2.47)
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The gradient Vg, of the lower bound in (2.47) is given by [101]

) Ne (INT — C,Frr (F4,C,Fry) " F{‘{F> B, Fry (FE.C,Frp) '

NrpNeIn2 &~ logs, (7T [(FECFr) ™ (FEBLFir)])

Y

(2.48)
where C,, = Iy, +YH”H,, and B,, = I, +7h£{1hn,1. Using the gradient Vg, in (2.48), we
obtain the RF precoder Frr by Algorithm 1, where P is the number of iterations, M (X) =
blkdiag (%1, Xs, . .., Xpe) € CV*Ner and x, = X ((7‘ - 1) NN—I)TF +1: r%,r) € CI\]fVT;rFm
Vr € {1,2,..., Nrr}. The step size « is obtained by a backtracking line search [21].

It is well-known that gradient ascent algorithm is highly affected by the initial solution
since it is a local solver. As an initialization, we propose to use the hybrid precoder of App-FD

or P-MRT, where we choose the scheme that achieves higher secrecy rate. The computational

complexity of Algorithm 1 is O (N3N + Ny NrpNc + (Nip + NrNgg) NeP).

2.4 Hybrid Precoder Design for Secrecy Throughput Maximization with Partial

Channel Knowledge

In this section, we design the hybrid precoder to maximize the secrecy throughput defined as
Nsec = Rsec (1 — €sec) [143, [138], where €4 is the secrecy outage probability. We assume that
Alice has full knowledge of the channel to Bob but has partial knowledge of the channels
to Eves. Since the variation of the AoDs is slower than the variation of the channel gains
[136], T05], Alice uses the previous estimate of the AoDs of the propagation paths to Eves as
a partial channel knowledge for the next multiple OFDM symbols. Bob and Eves have full
knowledge of their channels to Alice. Furthermore, we assume that Eves do not cooperate.

In the following, we derive a secrecy outage probability upper bound €., and hence we
get a secrecy throughput lower bound 7jsee = Rgee (1 — €gec). Then, we design the hybrid
precoder to maximize the secrecy throughput lower bound 7).

24



Algorithm 1 Iterative Hybrid precoder design for secrecy rate maximization

Initialization: Obtain FQ% as in App-FD or P-MRT (choose the scheme that achieves higher

secrecy rate), p = 0.
while p < P (or any other appropriate stopping criterion)
Calculate the gradient V(F?;F using ([2.48).
Updating rule:
For fully-connected structure F1,
Q = arg max Reec (Fg})? + av? ),
(e

Frr

(r+1) _ (p) (p)
For fully-connected structure F2,

o = arg max Ruee (exp (7 (F7 + Vi) ),

Frr

Fg;_l) = exp (jé (Fg% + av®) ))

Frr
For subarray structure S1,

o = arg max Rge. (M (Fg% +aVy) ))’

Frr

Frr

1
P = M (R + v ).
For subarray structure S2,
o = arg max Rgec (M (exp (jé (Fg% + aV%ﬁJ))),
Fg;l) =M (exp (jé (Fg% + aV%ﬁF))).
p=p+1
end while
Obtain the baseband precoders {fpp,} using (2.44).

2.4.1 Secrecy Outage Probability

The secrecy outage probability €. is defined as [106, [14]

e = PP <mkin{R1 ~RE, < Rsec> . (2.49)

It can be rewritten as .
o =1—P <ml?x{Rk}kK:2 < RO> =1-[[P(R < R,). (2.50)

k=2

where R, = R; — Rs.. We derive a tight secrecy outage probability upper bound ég..
Applying the power constraint ||FRFfBB,n||2 = 1 into (2.8) and then Jensen’s inequality, we

get

N,
1 = |hn,kFRFfBB,n|2> (2.51)

Ry <logy, [ 1+v—
2 < Ne 2 ¥ refan ql|”

n=1
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Using the triangle inequality, we have

2

L
‘hnkuRFfBB’nF ‘\/ Ny 21:1 Oél,kafkwn,l,kFRFfBB,n <N Z | |2 |al kFRFfBB n
= T QL k

= | F refn,||”
(2.52)

I Frefenq|”

Applying (2.52) and ( - ) into , we get
’al wFRE BBn}2
€see < 1—H]P> Z\alk\ Z <6, (2.53)
k=2

| Frefpp, nH

Ro
where § = % The term Yr | Jaurl? 320 M represents a sum of indepen-
v ||FRFfBB,n||
" 2
dent exponentially-distributed random variables with mean values of { 2 ijﬁ % },
rRFIBB,n

which results in an L-stage hypo-exponentially distributed random variable with a cumula-

tive distribution function (CDF) given by [122]

2
a; . Frrfep n
Z ] Z ol = | 6 =1— g (Frr, {foBn} s Rsec) (2.54)
1 ||FRFfBB,n||
where gk (FRF7 {fBBm,} ) Rsec) is given by
L 5 .
- Lk
gk (FRF7 {fBB,n} ; Rsec) = Z e "Lk H —’, (255)
=1 et Tk — Tnk
and 7, = py ZNC |7|l ;FRfFfBB ‘T| Therefore, the secrecy outage probability upper bound €.
RFIBB,n
1s written as
K
gsec (FRF7 {fBB,n} ) Rsec) =1- H (1 — Gk (FRF7 {fBB,n} ) Rsec)) ) (256>
k=2

and hence we get a secrecy throughput lower bound 7sec = Rgec (1 — €gec)-
2.4.2 Low-Complexity Secrecy Hybrid Precoding Designs

In this subsection, we investigate if the low-complexity secrecy hybrid precoding strategies
in subsection [2.3.2| are applicable in case of partial channel knowledge. Examining the

secrecy outage probability upper bound €. in (2.56) with Ngp = Nt (Frr = In.), we

26



know that the fully digital precoders {fgp,} have to be designed jointly and do not have
closed-form expressions, in contrast to maximizing the secrecy rate in subsection [2.3.1| where
the fully digital precoders are designed separately and have closed-form expressions. As a
result, we cannot have sufficient conditions on the number of RF chains needed to realize the
performance of the fully digital precoding in case of partial channel knowledge. Furthermore,
it is not tractable to design the hybrid precoder by approximating the fully digital precoders
in case of partial channel knowledge.

Since TD-P-MRT described in subsection [2.3.2] requires only the knowledge of the AoDs
to Eves which is available at Alice in case of partial channel knowledge, TD-P-MRT can be
applied also in case of partial channel knowledge with the same constraints on Ngg. On the
contrary, FD-P-MRT cannot be applied since it requires the knowledge of frequency domain

channels to Eves which is not available at Alice in case of partial channel knowledge.
2.4.3 Secrecy Hybrid Precoding Design

Following the derived secrecy outage probability upper bound €. in (2.56|), the hybrid

precoder is designed to maximize the secrecy throughput lower bound 7). as

[FRF7 {fBB,n} y Rsec] - arg max Rsec (1 - gsec (FRF7 {fBB,n} 3 Rsec)) )
FRFy{fBB,n}:RSCC
s.t. 0 < Reee < Rurr, Frr € Frr, (257)

where Rymrr is the maximum rate of Bob achieved by the maximum ratio transmission (MRT)
scheme in [99] where the hybrid precoder is designed to maximize the rate of Bob ignoring
Eves, and the power constraint is removed since it is applied into the objective function.
The optimization problem in is non-convex, and cannot be solved directly. In the
following, we will focus on the secrecy outage probability minimization problem written as

[FRF> {fBB,n}] = arg min gsec (FRFa {fBB,n} ) Rsec) )

FRF7{fBB,n}

S.t. FRF € ./T"RF. (258)
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Then, we will show how to use the secrecy outage probability minimization problem to

maximize the secrecy throughput. It is straightforward to show that €. is a non-convex
function of Frr and {fgg,}. Next, we propose an alternating algorithm which designs
the RF precoder and the baseband precoders iteratively to minimize the secrecy outage

probability upper bound €.

RF Precoding Design

First, we fix the baseband precoders {fpp,} and optimize over the RF precoder Fgrr to
minimize the secrecy outage probability upper bound é,... We propose a suboptimal gradient
descent algorithm to design the RF precoder. The gradient Vg, of the the secrecy outage
probability upper bound €. with respect to the RF precoder is obtained (after mathematical

manipulations) as

2
T — TLkTnk

K L
1 Tz,kVF P (5) —0Vyp P (Tl,k) Tn,kVF F (Tl,k) - Tl,kVF P (Tnk)
Vo =30 L3 (el e ) 5 :
1

r
Lk n#l
[

xe o [ —— (2.59)

oy rl,kz_rn,k’
where
2
v ( ) /%] (HFRFfBB,nH2 al,kaﬁg - }aﬁngB,n| INT> FRFfBB,nfé{B,n ( )
Frr \T1k) = , 2.60
RF HFRFfBB,n |4
280 (||Frpfepnl> h hy 1 — [hy 1 f5pnl” Ing ) Frefps o fi
VFRF (5) _ (H RF1BB, || n,1n,1 | ,11BB, | NT) RFIBBnIBB A, (261)

Nt (1 +7 |hn,1FRFfBB,n|2) HFRFfBB,nH4
Using the gradient Vg, in (2.59)), we obtain the RF precoder Frr by Algorithm 2, where

Prr is the number of iterations, and the step size « is obtained by a backtracking line search.

Baseband Precoding Design

Now, we fix the RF precoder Frr and optimize over the baseband precoders {fgp,} to

minimize the secrecy outage probability upper bound é,.. We propose a suboptimal gradient
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Algorithm 2 RF precoding design for secrecy outage probability minimization
Input: Fg)%, {fBB.n}, Rsec-

p=0.

while p < Prp (or any other appropriate stopping criterion)

Calculate the gradient V by using -
Updating rule:

For fully-connected structure Fl

o = arg1 min €gec (F( })7 +av? AfBBA S Rsec)v

FRF

(r+1) _ (p) (p)
Frr = Fpp +a VFI‘)RF
For fully-connected structure F2,

a= argcrnin €sec (exp (jé (Fg% + aV%?{F» AfBB}, Rsec),

Fg;_l) = exp (jé (Fg% + av®) ))

Frr
For subarray structure S1,

o= arg min €gec (M (Féuzﬂ + aV ) {fsBn}, Rsec),
P = M (R +avi) ).

Frr
For subarray structure S2,

a= argcrnin €sec (M (exp (jé (Fg% + aV%?{J)) AfBBnt Rsec),

Fg;l) =M (exp (jé (F%% + aV%;F>>>.
p=p+1
end while
Output: F(PRF+1)

descent algorithm to design the baseband precoders. The gradient Vg, =~ of the the secrecy
outage probability upper bound €. with respect to the baseband precoder is obtained (after

mathematical manipulations) as

"1k Vigs,, (0) = Vi, (T1k) Tk Vigs. (Tik) = 0k Vg, (Tnk)
Vg n Z Z ( 2 + Z 2

o =91 11 Tk il Tie = TLETnk
)
xe o [ 22—, (2.62)
-y Tk — Tnk
where
2
o ) p1 <|’FRFfBB,nH2FgFal,kaZ,,{k - ’aﬂFRFfBB,nl ng) Frrfer ., (269
fee.n \TLk) = , .
|Frefsp. |
2 (|| Frefap || Fiph? h,y — b, 1 Frefep . |” Fip) Frefes,
Vi, (6) = (IFrefapn|” [ 1 Frefon | Fip) Frefonn (2.640)

Nt (1 + ’hn,lFRFfBB,n|2) ”FRFfBB,nH4
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Algorithm 3 Baseband precoding design for secrecy outage probability minimization

0
Input: Fgy, {f]g];n}, Riec.
p=0.
while p < Pgp (or any other appropriate stopping criterion)

Calculate the gradient {Vg 33 n} using (2.62))—(2.64)).

Updating rule:
_ B (p) (p)
o = argmin €g. | Frr, fBB,n +aV , Reec ),

o fgB,n’
) g5} = {68, +avi) 1.
end while
Output: {fgg‘?ﬁﬂ)}

Using the gradient Vg,, . in (2.62)), we obtain the baseband precoders {fgp,} by Algorithm
3, where Pgp is the number of iterations, and the step size « is obtained by a backtracking

line search.

Initial Hybrid Precoder

n=1 ||FRFfBB,nH2 '

For any RF precoder Fgp, the baseband precoder fgp, which maximizes SNRp is obtained

Generally, the average SNR of Bob SNRpg is expressed as SNRp = Nlc >

as
(FgFFRF) o Fthﬁfl

H (]-:‘gF]-:‘RFY5 Fthf,l

fopn = (2.65)

and the corresponding SNRg = - 22]21 h, 1Frrp (FQIFFRF)_l Fiph[',. As an initial solu-
tion, we design the RF precoder Frr to maximize the average received SNR of Bob in the
null space of the K — 1 expected strongest directions to Eves.

For the fully-connected structure F1, we express Frp as

Frr = UgrpFrr, (2.66)

where Ugp = NV [5max [Zle Pzaz,zal{é] » € max [Zle pzaz,safg] sy Emax [Zle plal,Kal{{KH

e CNrx(Nr=(K=1) ig g unitary matrix in the null space of the K — 1 expected strongest
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directions to Eves. Similar to (2.31)), FRF which maximizes SNRgy is obtained as f‘RF =
E e | L0, Ulieht,

hn,lURF} . For the fully-connected structure F2, we obtain Frp as
FRF = exXp <JAURFF~‘RF> s (267)

which satisfies the unit modulus constraint and is a good approximation to (2.66]).

For the subarray structure S1, we express frp, as

frp, = Urr, frp., (2.68)

L L L
where URF,?" = N[E [ Zl:l plal,Q,ra{,{QJ«} ) 8max [ Zl:l plal,3,ra{£g,7«} 3 et gmax [ Zl:l plal7K7raﬁK7r]}
Ne (Nt
€ CMr” (NRF (K 1)) is a unitary matrix in the null space of the K — 1 expected strongest di-
rections to Eves seen by the r*® RF chain, and a; ke =& k( r—1) NT -+ L:irgt ) Similar to

(2.36)), fRF’r which maximizes SNRp is obtained as frp r=Ema [ZNgl UngrhtherURF,r] .

For the subarray structure S2, we obtain fgp, as
frr,r = exp (leRF,rfRF,r) ; (2.69)

which satisfies the unit modulus constraint and is a good approximation to (2.68). The
initial RF precoders in ([2.66|) and require Ny > K, while the ones in (2.68) and
require Nt > K Nrp. These two conditions are likely to be satisfied for large-scale mmWave
systems.

To solve the secrecy throughput maximization problem in (2.57)), we convert it into a
sequence of secrecy outage probability minimization problems, each one is solved (as illus-
trated above) for a fixed target secrecy rate Rg.. The secrecy rate Rge. which maximizes
the secrecy throughput is obtained by one dimensional search. The detailed algorithm is
shown in Algorithm 4, where P is the number of iterations. Note that for fully digital pre-
coding, the throughput maximization problem can also be solved using Algorithm 4 after
excluding the RF precoder design step. The computational complexity of Algorithm 4 is
O (N3 + Ny NgrpNc¢ + max (N¢, KL) (Nrp Nt Psp + N2Pgrr) P).
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Algorithm 4 Hybrid precoding design for secrecy throughput maximization
Initialization: Obtain Fgll as in (2.66)), (2.67), (2.68]), or (2.69) according to the used structure,

then {fggn} as in (2.65), p = 0.

R = arg max Ruce (1= e (Pl {50, uce) ) » 6.0 < Roce < Rumr.

RSSC
while p < P (or any other appropriate stopping criterion)
Fi) = argmin e (Fre, {£3, b BEL) , using Algorithm 2 with F{F) as an initial solution.
Frr ’
{fgg“;)} = arg min €gec <Fg§rl), {fBBn}, Réﬁg) , using Algorithm 3 with {fgg n} as an initial
{fBB,n}
solution.
1 ~ 1 1
gzc)c—:i— ) = argmax Rgec <1 — €sec (ng—’_ )7 {f]g]);n)} >Rsec>) , 8.t Régg < Rgec < RMRT-
Rsec ’
p=p+ 1.
end while
_ fBB,n
{fsp.n} = { ||FrefeBn | }

2.5 Simulation Results

In this section, we evaluate the performance of the proposed hybrid precoding designs and
compare them with the performance of the fully digital precoding by means of Monte-
Carlo simulations. Regarding the simulation setup, we assume that Alice has 64 antennas
(Nt = 64). The number of RF chains Nrr will be an adjustable parameter through the
numerical results. All channels follow the mmWave channel model described in subsection
with 12 propagation paths (L = 12), where the channel gains {a;;} are complex

Gaussian random variables with zero mean and exponential power delay profile defined as

{ 0= qlalf;;f)} where ¢ = 0.36, and the angles of departure (AoDs) {y;} are uniformly-

distributed within [0 27). The number of subcarriers N¢ is 256.

If P-MRT is feasible, the optimal precoding strategy at high SNRs is to maximize the

rate of Bob in the null space of channels to Eves, and hence we have lim,_, igz((;’)) =
im0 % = 1 since Bob has a single antenna [I128]. This result means that the secrecy

rate should have a unit slope at high SNRs if P-MRT is feasible. Similarly, the secrecy

throughput should have a unit slope if P-MRT is feasible. Table summarizes the neces-
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Table 2.1. Necessary conditions to apply P-MRT

Channel knwoledge Fully Digital Precoding Hybrid Analog-Digital Precoding
(Nrr = Nt) (Nrr < Nt)
Structures F1, F2, and S1 Subarray structure S2
Full knowledge Nt > K (FD-P-MRT) Nt > (K — 1)L (TD-P-MRT) Nrr > K (FD-P-MRT)

or Nrr > K (FD-P-MRT)

Partial knowledge Nt > (K —1)L (TD-P-MRT) Nt > (K — 1)L (TD-P-MRT) infeasible

sary conditions (mentioned in subsections [2.3.2] and [2.4.2) to apply P-MRT for fully digital

precoding and hybid precoding with full or partial channel knowledge. If P-MRT is infeasible,

the secrecy rate and secrecy throughput will not have a unit slope at high SNRs.
2.5.1 Achievable Secrecy Rate with Full Channel Knowledge

Fig. shows the achievable secrecy rate as a function of the transmit SNR with Ngp = 4
and different numbers of Eves (K —1). With two Eves (Fig. [2.3p), we observe that Algorithm
1 achieves a secrecy rate very close to that achieved by the fully digital precoding for the
whole SNR range. The four RF precoder structures achieve slightly different secrecy rates
due to the different hardware complexities. Algorithm1 approaches P-MRT at high SNRs
since P-MRT is optimal at high SNRs. Note that FD-P-MRT is feasible for all structures
since Ngp > K. With four Eves (Fig. [2.3b), the secrecy rate gap between the fully digital
precoding and Algorithm 1 increases as SNR increases. Algorithm 1 (F1, F2, and S1)
approaches the corresponding P-MRT with unit secrecy slope at high SNRs, while Algorithm
1 (S2) does not achieve the unit secrecy slope. The reason is that FD-P-MRT is infeasible
for all structures since Ngr < K, while TD-P-MRT is feasible only for the structures F1,
F2, and S1 since Ny > (K —1)L.

For both Fig. and Fig. [2.3p, we observe that App-FD achieve approximately the
same secrecy rate as Algorithm 1 at low SNRs. However, App-FD does not achieve the unit
secrecy slope at moderate and high SNRs, and the secrecy rate gap between Algorithm 1

and App-FD increases as SNR increases. The proposed adaptive hybrid precoder max(App-
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Figure 2.3. Achievable secrecy rate as a function of transmit SNR v with Ngr = 4 and
different numbers of Eves (K — 1).

FD, P-MRT) in Fig. [2.3b combines the low-moderate SNR advantage of App-FD and the
high SNR advantage of P-MRT, and yields better secrecy rate performance than App-FD
and P-MRT with low computational complexity (both App-FD and P-MRT are obtained in
closed forms. Note that max(App-FD, P-MRT) reduces to App-FD if P-MRT is infeasible.
On the contrary, MRT of [99] achieves the worst secrecy rate at moderate and high SNRs
due to ignoring Eves.

With different number of RF chains Ngp, Fig. [2.4] shows the achievable secrecy rate as
a function of the transmit SNR with six Eves (K = 7). As expected, Algorithm 1 achieves
the highest secrecy rate among the hybrid precoding designs. With Npp = 4 (Fig. 2.4h),
the secrecy rate gap between the fully digital precoding and all hybrid precoding schemes
increases as SNR increases. Algorithm 1 does not achieve the unit secrecy slope at high
SNRs since P-MRT is infeasible for all structures. On the other hand, with Ngr = 8 (Fig.
2.4p), FD-P-MRT is feasible for all structures. As a result, Algorithm 1 achieves a secrecy
rate very close to that achieved by the fully digital precoding. From Fig. and Fig. 2.4p,
we can observe the significant effect of the number of RF chains on the achievable secrecy
rate.
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Figure 2.4. Achievable secrecy rate as a function of transmit SNR v with 6 Eves (K = 7)
and different numbers of RF chains Ngp.

2.5.2 Achievable Secrecy Throughput with Partial Channel Knowledge

Fig. [2.5] shows the achievable secrecy throughput as a function of the transmit SNR with
Ngr = 4 and different numbers of Eves (K —1). With four Eves (Fig. [2.5a), we observe that
the hybrid precoding with Algorithm 4 (F1, F2, and S1) achieves a secrecy throughput very
close to that of the fully digital precoding with Algorithm 4, and they have a unit secrecy
slope at high SNRs since TD-PMRT is feasible for the fully digital precoding and the hybrid
precoding structures F1, F2, and S1 due to Ny > (K — 1)L. On the contrary, Algorithm 4
(S2) does not achieve the unit secrecy slope since TD-P-MRT is not feasible for the subarray
structure S2. With six Eves (Fig. [2.5p), the secrecy throughput gap between the fully digital
precoding with Algorithm 4 and the hybrid precoding with Algorithm 4 increases as SNR
increases. However, the hybrid precoding with Algorithm 4 achieves good performance at
low and moderate SNRs. All precoding schemes (including the fully digital precoding) do not
achieve the unit secrecy slope since TD-P-MRT is infeasible. Similarly, MRT of [99] achieves
the worst secrecy throughput due to ignoring Eves. Note that increasing the number of

RF chains (even if Ngp = Nr) will not achieve the unit secrecy slope at high SNRs since
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Figure 2.5. Achievable secrecy throughput as a function of transmit SNR ~ with Ngp = 4
and different numbers of Eves (K — 1).

FD-P-MRT is infeasible in case of partial channel knowledge, and TD-P-MRT is infeasible

due to Np < (K —1)L.
2.5.3 Tightness of Secrecy Rate and Throughput Lower Bounds

Fig. shows an example for the tightness of the secrecy rate lower bound ésec and the
secrecy throughput lower bound 7. with Ngr = 4 and 4 Eves (K = 5). The sold lines
are for the exact values while the dotted lines are for the lower bound values. We observe
from Fig. that the secrecy rate lower bound is tight for the structures F1, F2, and S1,
while the secrecy rate lower bound predicts the performance behavior of the structure S2
efficiently. From Fig. 2.6b, we observe that the proposed secrecy throughput lower bound is
very tight for all structures. The difference between the exact values and the lower bound
values over the whole SNR range and all schemes is less than 0.0798 bits/s/Hz.

The reason of the tightness can be explained as follows. When the hybrid precoder is
well designed (as the proposed schemes do) with Nt > K (large-scale mmWave systems)

and small L (limited scattering mmWave channels), the average receive SNR of Eves will be
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Figure 2.6. Tightness of secrecy rate and throughput lower bounds with Ngr = 4, and 4
Eves (K =5).

very small compared to the average receive SNR of Bob [144] (due to the capability of gen-
erating very sharp beams avoiding, as much as possible, the directions to Eves). Therefore,
considering Eves as one Eve with K — 1 antennas (the approximation of section 3) will not
decrease the secrecy rate significantly. Similarly, applying the inequalities of section 4 will

not increase the rates of Eves significantly.

2.5.4 Convergence of Algorithms 1 and 4 and Effect of Finite Resolution Phase
Shifters

Fig. shows an example for the convergence of Algorithm 1 and Algorithm 4 with Ngp = 4,
4 Eves (K = 5), and transmit SNR v = 15 dB. The secrecy rate and throughput achieved by
Algorithms 1 and 4 after each iteration are plotted in Fig. and Fig. respectively.
We observe that both Algorithms 1 and 4 converge in a small number of iterations, where
10 iterations are sufficient for all RF precoder structures.

With finite resolution phase shifters, Fig. shows the secrecy rate and throughput
achieved by Algorithms 1 and 4 versus different numbers of quantization bits for the phase
shifters with Ngp = 4, 4 Eves (K = 5), and transmit SNR ~ = 15 dB. After designing

the hybrid precoder using Algorithm 1 or Algorithm 4, the phases of the RF precoder are
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Figure 2.8. Effect of finite resolution phase shifters on the secrecy rate and throughput
achieved by Algorithm 1 and Algorithm 4 with Ngp = 4, 4 Eves (K = 5), and transmit SNR
v =15 dB.

quantized into () bits such that /Frp(i,7) € {0, g—g,...,%g#} VFgrr(i,7) # 0. We
observe that 6 quantization bits are sufficient for the RF precoder structures F2, S1, and
S2 with secrecy rate/throughput loss less than 0.2 bits/s/Hz. On the other hand, the RF
precoder structure F1 requires at least 10 quantization bits to outperform the structure F2.
The reason is that the structure F1 uses approximately twice the number of phase shifters

of the structure F2. As a result, the quantization error of the structure F1 is larger than

that of the remaining structures.
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2.6 Conclusion

In this chapter, we have designed the hybrid analog-digital precoder for physical layer secu-
rity. With full channel knowledge at the transmitter, we provided sufficient conditions for
the hybrid precoder to realize the performance of the fully digital precoding. If the sufficient
conditions are not satisfied, we design the hybrid precoder to maximize the secrecy rate.
By maximizing the average projection between the fully digital precoder and the hybrid
precoder, we proposed a low-complexity closed-form hybrid precoder design. The conven-
tional P-MRT scheme is extended to realize the hybrid precoder. Two P-MRT schemes were
presented. TD-P-MRT nulls the channels to Eves at time domain, and FD-P-MRT nulls
the channels to Eves at frequency domain. Moreover, we proposed an iterative hybrid pre-
coder design, based on gradient ascent, which converges in a small number of iterations and
achieves secrecy rate close to that achieved by the fully digital precoding.

With partial channel knowledge at the transmitter, we derived a secrecy outage prob-
ability upper bound. The secrecy throughput maximization problem is converted into a
sequence of secrecy outage probability minimization problems. Then, the hybrid precoder is
designed to minimize the secrecy outage probability by an iterative hybrid precoder design,
based on gradient descent, which converges in a small number of iterations and achieves se-
crecy throughput close to that achieved by the fully digital precoding. With finite resolution
phase shifters, we showed that 6 quantization bits are sufficient for the structures F2, S1,
and S2. On the contrary, 10 quantization bits are needed for the structure F1 to outperform

the structure F2.
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Appendix A - Proof of Proposition 1

As shown in , the optimal fully digital precoder £, ,, is the principal generalized eigen-
vector corresponding to the maximum eigenvalue of the pencil (Ly, +~yHYH,,, Iy, +~hf h, ;).
Among the Nt generalized eigenvalues, (Nt — K) of them are equal to 1 and obtained using
any vector that is orthogonal to the space spanned by [hf L, HE ] The other K generalized
eigenvectors corresponding to the other K eigenvalues (including the maximum eigenvalue)

lie completely in the space spanned by [hf H|. Therefore, we can write £, as

n,1s

n nl / n nl
optn BnHH h 1H + HHn (270)

byl ||

‘hn,lnngmax [(INT +'7H717:1Hn)71 (INT +7h51hn,1)j| ‘

where 0 < 3, <1, 8, = ||TLn ||

I, = HY (H,H") "' H,, €
CNtxNt denotes the orthogonal projection onto the space spanned by H,, and IT} =
Iy, — II, denotes the projection onto its orthogonal complement. Equation (2.70) can

be rewritten as

fopt,n = HTDWnpn7 (271)

where Hpp € CN7*KL js the time domain channel matrix to the K receivers given by

Hop [hH nf bt b bl bt (2.72)

T1,1,17 T 1,10 TL,1,10 71, KK e kK0 TLK7K:|’

H
W,, = blkdiag ( WfZQ, . ,wﬁ{K) € CKEXK “and p,, = [pn, vyh,  HY (Han)fl] CHx1,

nl?

where u, = —VEBZ and v, = ¥ j i The performance of fully digital pre-
[T IIHn il T

coding can be realized by setting Frp (:,1: KL) = Hrp and fgp, (1: KL) = W, p, if
Ngrr > K L. Thus, to realize the performance of fully digital precoding, it is sufficient for the
hybrid precoding utilizing the fully-connected structure F1 that Nggp > K L. This completes
the proof of the first statement.

For the fully-connected structure F2, we have to satisfy the unit modulus constraint. In

[149], it was shown that any vector x € CV*! can be expressed as x = 5(5(, where X € CNx2
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is with unit modulus entries and x € R?*!. Following this decomposition, Hrp can be
expressed as Hrp = QrrRpp, where Qrp € CN1X2KL g with unit modulus entries obtained

as

H l 2 bmaxmbminm
Qrr (I,2m — 1) = exp (j (4HTD(l,m)—cosl< [Hrp (I, m)|” + 7 , ))),

‘HTD (l, m>|2 (bmax,m + bmin,m)

. _ ’HTD <l7 m) ‘2 - bmax mbmin m
Qrr (1,2m) = exp | j | £ZH1p (I, m) + cos™* : : ,
|HTD (la m)|2 (bmax,m - bmin,m)

(2.74)

Vi € {1,2,...Nr} and Vm € {1,2,... KL} where bpaxm = mlaX\HTD (l,m)], bminm =
mlin |Hrp (I,m)], and Rpp € R*L*KL g obtained as Rpg (2m — 1,m) = (bwmax.m + bminm) /2,
Rpp (2m, m) = (bmaxm—bminm)/2Vm € {1,2,... KL}. Therefore, we can set Fry (:,1 : 2K L)
= Qgr and fpp, (1:2KL) = RpggW,,p,, if Ngrp > 2K L. As a result, it is sufficient that
Ngrr > 2K L for the hybrid precoding utilizing the fully-connected structure F2 to realize
the performance of fully digital precoding. By assuming that all the channels follow the
mmWave channel model in , can be written as f,pr, = ArDrW,p,,, where
At = [A11,ATs, ..., A1 ] € CNT*EL and Dt = blkdiag (D{{,Df,...,Dg) € CKIxKL,
Since A is with unit modulus entries, the sufficient condition for the hybrid precoding utiliz-
ing the fully-connected structure F2 reduces to Ngp > KL by setting Frg (:,1: KL) = At
and fpp,, (1: KL) = DyW,p,. This completes the proof of the second statement. Note

that the obtained sufficient conditions vanish if Nt < KL since Ngr < Nr.

Appendix B - Proof of Proposition 2

In Proposition 1, it was shown that if Ny < KL, there is no sufficient condition depend-
ing only on the number of RF chains to realize the performance of fully digital precoding

since Ngr < Nt. Therefore, we consider the case that KL < Nrg < Nt. To realize the
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performance of the fully digital precoding, fgg,, has to be expressed as fgp,, = BegW,pn,

where Bgg € CNrexKL

is a mapping matrix. We have to design Frr and Bgg such that
Htp = FrpBgg. Let Ngr = Nt — 1 > KL which means that each RF chain is connected
to one antenna except only one RF chain that is connected to two antennas. Without loss

of generality, let the first RF chain be the only RF chain that is connected to two antennas,

we should have

Hrp (1,1) = frr1 (1) Bgg (1,1), (2.75)

Hrp (2,1) = frr1 (2) Bes (1,1) (2.76)

where [ € {1,2,..., KL}. To satisfy (2.75) and (2.76]), it is necessary that Hrp (2,:) =

cHrp (1,:) where ¢ is a constant, which is not guaranteed and depends on the channel
realizations. As a result, the hybrid precoding utilizing the subarray structure S1 cannot
generally realize the fully digital precoding for any Ngp < Nt — 1. Since Faa C Fan, We
arrive at the same conclusion for the subarray structure S2. This completes the proof of

Proposition 2.
Appendix C - Approximating The Fully Digital Precoding

For the average Euclidean distance criterion, the hybrid precoder is designed to approximate

the fully digital precoding as [142] 94|, [140]

.- Frefas, |
[Frr, {fzpn}] = argmin Z foptn — F—fn _ (2.77)
FRF,{fBB,n} n=1 H RF BB,n”

It is straightforward to show that for any Fgry, fgp,, is the least squares solution which can

be expressed (after appropriate normalization) as

FZ Frp) ' FEE, . .
e = (FreFre) Frirfon , (2.78)

H (FgFFRF)i FgFfopt,n

N
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2

FrrfBB,n
opt n -

which is exactly the same as , and the corresponding Z

”FRFfBB,n H

2N — 2 Z \/f(gt WFrr (FEFrr)~ ! FH f,5in. Thus, (2.77) can be written as a function

of Frr only as

N¢
Fre = arg max > \/ Amax [(FgFFRF)*l FgFfopt,nfgngRF] : (2.79)
RF n=1

which is similar to the first equality of (2.19)) except for the square root. For (2.19)), we have a

closed-

N¢ £H

et fopt nfopt, n] while there is no a closed-form solution for

form solution of Frr = E1.npp [Z

@-79).
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CHAPTER 3
SECURE AN-AIDED HYBRID PRECODING FOR MMWAVE MISO

SYSTEMS WITH PARTIAL CHANNEL KNOWLEDGE []
3.1 Introduction

Physical layer security is typically introduced by precoding schemes at the transmitter (Al-
ice). For millimeter-wave (mmWave) communications [I09], some of existing works con-
sider radio-frequency (RF) precoding with a single RF chain in line-of-sight (LOS) channels
[130], 137, 154] or non-line-of-sight (NLOS) channels [107]. The works in [67, 135, 133] apply
secure baseband precoding with full RF chains. For mmWave systems, hybrid analog-digital
precoders are preferred due to the hardware complexity and power consumption concern
[12]. Secure hybrid precoding schemes are developed in [108|, 144, 153, 36]. The work in
[TO8] relies on the beamforming strategy with no artificial noise (AN) which results in se-
crecy performance degradation at moderate and high signal-to-noise ratios (SNRs). The
works in [144] [153], 36] develop an AN-aided hybrid precoder. However, the optimal power
allocation between the confidential signal and AN was not considered in [144], but addressed
in [I53] when the number of RF chains is greater than the number of antennas of Eve for
Rayleigh fading channels and in [36] for mmWave LOS channels. Moreover, [144] and [153]
consider only the case that Alice does not have any knowledge of the channels to Eves. For
cellular systems, base station (Alice) may know the directional information of other active
users (Eves) and exploiting such partial channel knowledge to enhance secure communica-
tion is much desirable. To the best of our knowledge, secure AN-aided hybrid precoding
for mmWave NLOS systems with partial channel knowledge has not been developed in the

literature.

1© 2017 IEEE. Reprinted, with permission, from Yahia R. Ramadan, Hlaing Minn, “Artificial Noise
Aided Hybrid Precoding Design for Secure mmWave MISO Systems With Partial Channel Knowledge”,
IEEE Signal Processing Letters, vol. 24, no. 11, pp. 1729-1733, 2017.
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In this chapter, we propose an AN-aided hybrid precoder design to maximize the average
secrecy rate with partial channel knowledge. We derive a closed-form expression for the
average signal-to-interference-and-noise ratio (SINR) of Eve as a function of the hybrid
precoder. Using the average SINRs of Eves, we obtain a secrecy rate lower bound. Since the
hybrid precoder design problem is non-convex, we propose a suboptimal solution. Numerical
results show that the proposed AN-aided hybrid precoder achieves comparable performance
to that of the fully digital precoder, with much lower hardware complexity. Moreover, the
proposed AN-aided hybrid precoder outperforms the maximum-ratio-transmission (MRT)

hybrid precoder of [99].

3.2 System and Channel Models

3.2.1 System Model

We consider a secrecy mmWave MISO system with K single-antenna receivers. The trans-
mitter (Alice) sends a confidential message to the first receiver (Bob), while the rest K — 1
receivers are eavesdroppers (Eves). We assume that the transmitter is equipped with a
large-scale uniform linear array (ULA) with Nt antennas (Nt > K). The spacing between
antennas is half the wavelength. To reduce the hardware complexity and the power con-
sumption, the antenna array is connected via an analog RF precoder to Ngrr RF chains
(Nrr < Nr) which process the digitally-precoded streams.
We consider a narrow-band transmission, where the received signal 1, at the &*® receiver
is given by
Ye = hpx +ny, (3.1)
where h;, € C"1 is the mmWave channel to the k™ receiver, n, ~ CN (0,0?) is the
additive white complex Gaussian noise with zero mean and variance o2 at the &*" receiver,

and x € CN7*! is the transmit signal vector given by
X = \/aFRFfBBS + v 1-— ¢FRFUBBZ7 (32)
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where ¢ is the power fraction allocated to the confidential signal, (1 — ¢) is the power fraction
allocated to AN, Frp € CNTXMrr g the analog RF precoder, s ~ CA (0, P) is the coded
confidential signal, fgg € C*rr*! is the signal digital baseband precoder, z ~ CN (0, PIy,,)
is the noise vector artificially generated by Alice, and Ugg € CNre*Nrr j5 the AN digital
baseband precoder. To maintain the power constraint [ {XH X} = P, where P is the transmit
power, we should have HFRFfBBH2 = HFRFUBBH% =1.

Using (3.1)) and (3.2)), the achievable rate R}, of the k™ receiver is given by

oy |hkFRFfBB|2 ) 7 (3.3)

Ry =1log, [ 1+

’ ( (1— )7 |heFrpUsgl|* + 1
where v = P/o? is the transmit signal-to-noise ratio (SNR). The average secrecy rate R
is given by [116]

Ree =E{ Ry — max {Bi}}, } (3.4)
where the expectation is performed over the channels to Bob and Eves.

The analog RF precoder Frp is usually implemented using analog phase shifters. We con-
sider the subarray structure [99], where each RF chain is connected to NN—JF antennas via ana-
log phase shifters. Therefore, Frp has to be expressed as Frr = blkdiag (far 1, frr 2, - - - frr vy )

Iy
where frp, € Corr ! r € {1,2,..., Nrp} and |[frr, ], | = \/ﬁ vr,m [99]. Therefore,
we have FELFrp = Iy,,. Moreover, the power constraint is reduced to ||fag|* = ||Ups|z =

1. Let Fgrr be the set of analog RF precoders satisfying the constraints of subarray structure,

then we should have Frr € Fgrr.

3.2.2 Channel Model

Millimeter-wave channels are expected to have limited scattering [145], 141]. Therefore, we

adopt a sparse geometric multipath channel model, where the channel vector hy to the k™"

N L
[4ANT
hk = T Z_E 1 Oél’kalljlk, (35)
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where L is the number of propagation paths, a; is the complex channel gain of the {*" path
to the k'™ user, a;, is the transmit steering vector of the I'! path to the &' user with azimuth

angle of departure (AoD) of ¢, and
1
VNt

Denoted by Aty € CM*E | the transmit array response matrix to the k™ receiver is given

o~ dm(Nr=1) COS(SW,k)] T ) (3.6)

—J T cos
a = [176 J (‘Pl,k)’_”’

by Aty = (a1, a2, ..., aL, . Since each resolvable path consists of several paths, similar
to [67, Section II-B] and [I, Section III-E], the channel gains {a;;} are assumed to be

independent complex Gaussian random variables with zero-mean and unit variance.

3.3 AN-aided Hybrid Precoding Design

We design the hybrid precoder to maximize the average secrecy rate R for a given transmit
SNR . We assume that Alice has full knowledge of the channel to Bob but has partial
knowledge of the channels to Eves. Similar to [107, 67, [108], Alice has knowledge only of
the AoDs of the paths to Eves. Bob and Eves have full knowledge of their channels to Alice.
These assumptions become realistic if Eves are active nodes which have communicated with
Alice [I52]. We assume also that Eves do not cooperate.

We illustrate the partial channel knowledge as follows. Since we assume that Eves are
active nodes in the system (Bob and Eves play interchangeable roles), the channel knowledge
of Bob and Eves may not be up-to-date. Alice re-estimates the channel to Bob. Since the
coherence time of AoDs is much longer (tens or hundreds times as reported in [79]) than
that of the channel gains [107, 67, 1306], 105], 134], Alice uses the estimates of the AoDs of
the paths to Eves as partial channel knowledge (assuming that the AoDs remain almost
unchanged), and do not re-estimate the channel gains of Eves.

With full knowledge of the channel to Bob and partial knowledge of the channels to Eves,

maximizing the secrecy rate R given by

Re=Ri —E {m}ilx {Rk}§:2} , (3.7)
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where the expectation is performed over the unknown channel gains of Eves, is equivalent to
maximizing the average secrecy rate Ry [43]. Since it is difficult to get Ry in a closed-form,

we derive a secrecy rate lower bound R as

Ryee = Ry — E {10g2 (1 + m&x {SINRk}kK:2>}

> Ry — log, (1 +E {mgx {SINRk}iiz})

K
> Ry — log, <1 + ZE{SINRk}> 2 R, (3.8)

k=2

— v6|hxFrefes|® } : th ;
where E{SINR;} = E {7(1_¢)||hkFRFUBB”2+1 is the average SINR of the k"™ receiver, the

first inequality holds due to Jensen’s inequality, and the second inequality holds since

max {xk}kKZQ < Zszz x. We need to evaluate E {SINR,} to get Ree. It can be rewrit-

ten as
<Z5045Ak04k
E{SINR;} =E , 3.9
{ k} (1 — gb) akHBkak + 1) ( )
where o = [Osz, Qo ks v v vy (ILJC]T, Ak = A’II_{kFRFfBBfé—IBFgFAT,ka Bk = A’II_{kFRFUBBUgBF{{IF

Ary, and § = W%T We can notice that E {SINRy} in (3.9) is the expected value of a ratio
of quadratic forms of a;,. Moreover, . is a circularly-symmetric complex Gaussian random

vector with a probability density function (PDF) fa, (o) given by [120]

H
e—ak (672

fou (@) = ——5—. (3.10)

Let w; and wy be two random variables such that P (wy > 0) = 1. In [83], it was shown that

]E[E] - /0 h {%Mwm (s,—r)| dn, (3.11)

W2 s=0
where M, w, (s,7) is the joint moment generating function of w; and wy. Define w; =

dafl Aoy, and wy = (1 — ¢) @l Bray, + 6. Then, we obtain M, ., (s, —7) as

00
M S —1) = W*Le*akHaked’akHAkak5*(1*¢)05BkakT*57"da
w1, w9 ) k

o0
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=e |1, — pAys + (1 — ¢) Byr|

X / LI — ¢As + (1 — ¢) Byr| e—a;’f(IL—¢Aks+(1—¢)Bk7~)akdak

—00
. ~

~
=1 (area under PDF)

— eI, — pAps + (1 — @) Byr| . (3.12)

Therefore, we get

s=0

E {SINR,} — / PMmm(s,—T)} dr
0 88

_/ eI+ (1—¢)Byr| " Tr [(In + (1 — ¢) Byr) ' 9Ay] dr,  (3.13)
0

which can be simplified to

E {SINR,} = £ F Ar, Uydi h ge2rdr '
{ k} = IgplprrpATrUrdlag <{\/0 (1 + (1 —9) )\k,ﬂ“) anzl (1 + (1 — ¢) )\k’mr),}ll)
=I},; (obtained in a closed-form in Appendix)
XUkHA%kFRFfBB,
(3.14)

where {Ak71}521 and U, € C*F are the eigenvalues and the eigenvectors matrix of By, re-
spectively, and the integral I ; in is obtained in a closed-form in Appendix. Therefore,
we can write RSGC in a closed-form.

Using the secrecy rate lower bound RSQC, the AN-aided hybrid precoder design problem

is expressed as

max Reec,
¢,Frr,fBB,UBB

s.t. Fre € Fre, 0< ¢ < 1, |fssl|” =1, |Ussl; = 1. (3.15)

The optimization problem in (3.15)) is non-convex since the objective function and the RF
precoder constraint are non-convex. Therefore, we propose a suboptimal AN-aided hybrid

precoder design to maximize the secrecy rate lower bound Re.. To get an efficient solution
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and decouple the hybrid precoder and the power fraction ¢ designs, we put ¢ = 1 (no AN) and
design the hybrid precoder. Then, we get ¢ maximizing R, by any efficient one-dimensional
search.

With ¢ =1 (no AN), E {SINR} in is simplified to

7NT

E {SINR;} = | AT Frefas H (3.16)

Therefore, Ry in (3.8) can be written while applying the power constraint ||fgg||” = 1 as

£t (Tnge + 7 Fiiph i Frr) fop
fé]B (INRF + % Zkzz FgFAT,kAT,kFRF) fBB

Roo = log, (3.17)

Using the generalized eigenvector decomposition, we obtain fgg maximizing (3.17)) as a func-

tion of Frp as

K
—1
fop = gmax[(INRF %Z A Al k,FRF) (INRF +7F§Fhfh1FRF>] (3.18)
k=2

If a fully digital precoder fpp (i.e., Frp = Iy, ) was used, (3.18) would be written as

K
N -1
fop = Enma [(INT Tt = jAT,kAg{k) <INT + yh{{hl)] (3.19)
k=2

We propose to obtain the RF precoder Fgrp as

1

frp, = ————exp [ jZ[f . vr,
NN O

which satisfies the constraints of the subarray structure and is a good approximation to fgp.

(3.20)

Now, we design the AN baseband precoder Ugg to be in the null space of the equivalent
channel to Bob ﬁl =h;Fgrr and directed to Eves as
I, V

Upgg = ———, (3.21)

11T,

VNN R
where II; = <INRF —hf <h1h{{) h1) € CNrexNrr jg the orthogonal complement pro-

jector Of fll, and V = gl:min(NRF,(K—J)L) [HHHIFgFAT,EVCSA%EvesFRFHﬁl s where AT,Evcs =
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[AT72, Ars, ... JAr k] € CNr>x(E-1DL Note that Ugp is normalized to satisfy the power con-
straint ||Upp ||§ = 1. Finally, we obtain the power fraction ¢ by any efficient one-dimensional

search (e.g., golden section search) as
¢ = argmax Ree, s.t. 0 < ¢ < 1, (3.22)
®

where Ry is given by (3.8) using E {SINR;} in (8.14). The computational complexity of
the proposed AN-aided hybrid precoder is O (N2 + NAKL + Njp + KL?).

3.4 Numerical Results

We evaluate the performance of the proposed AN-aided hybrid precoder by means of Monte-
Carlo simulations. We assume that Alice has 32 antennas and 4 RF chains. All channels
follow the mmWave channel model described in Subsection [3.2.2] with 6 propagation paths,
and the angles of departure {¢; s} are uniformly-distributed within [0 27).

We consider four baseline algorithms. The first algorithm is the MRT hybrid precoder of
[99], which designs the hybrid precoder to maximize the rate of Bob while ignoring Eves. The
second baseline algorithm (denoted by “Reduced Fully Digital Precoder”) applies random
antenna selection for each RF chain from its own antenna subset and performs the proposed
AN-aided digital precoding (i.e., Ny = Ngg = 4). The third baseline algorithm is the no-AN
hybrid precoder which is based on the proposed hybrid precoder with no AN. The fourth
baseline algorithm (denoted by “Fully Digital Precoder”) is the fully digital precoder which
applies the proposed AN-aided precoding with full RF chains (i.e., Np = Ngr = 32). Note
that the first, second, and third baseline algorithms are expected to be performance lower
bounds, while the fourth baseline algorithm is expected to be a performance upper bound.

Fig. shows the achievable average secrecy rate (left y-axis) and the optimal power frac-
tion ¢ (right y-axis) as a function of the transmit SNR v with 4 Eves (K = 5). As expected,

the AN-aided fully digital precoding achieves the highest average secrecy rate due to the use
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Figure 3.1. Achievable average secrecy rate Ry and optimal power fraction ¢ with 4 Eves
(K =5).

of one RF chain per antenna (very large hardware complexity). The proposed AN-aided hy-
brid precoder achieves comparable performance to that of the AN-aided fully digital precoder,
with much lower hardware complexity (only 4 RF chains are used). The performance loss is
due to the modulus constraint and the limited number of RF chains. The proposed AN-aided
hybrid precoder outperforms the AN-aided reduced fully digital precoder, which verifies the
effectiveness of the proposed RF precoder design. The SNR gap between the proposed AN-
aided hybrid precoder and the AN-aided reduced fully digital precoder is about 7.5 dB at
high transmit SNRs. We also observe that the derived secrecy rate lower bound predicts the
performance behavior efficiently. The MRT hybrid precoder achieves the worst average se-
crecy rate at moderate and high transmit SNRs due to ignoring Eves. At low transmit SNRs,
the optimal power fraction ¢ is approximately 1 (no AN) that is why the proposed AN-aided
hybrid precoder and the no-AN hybrid precoder have approximately the same performance
at low transmit SNRs. As transmit SNR increases, the optimal power fraction ¢ decreases
which means allocating more power to the AN. That is why the performance of no-AN hy-

brid precoder degrades significantly at moderate and high transmit SNRs. On the contrary,
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Figure 3.2. Effect of finite resolution phase shifters on the average secrecy rate Rge. with 4
Eves (K = 5) and transmit SNR ~ = 15 dB.
the secrecy rate achieved by the proposed AN-aided hybrid precoder linearly increases with
transmit SNR, thanks to the optimal power allocation to AN. The same above performance
behavior is observed when increasing the number of Eves.

With finite resolution phase shifters, Fig. [3.2] shows the achievable average secrecy rate
versus different numbers of quantization bits for the phase shifters with 4 Eves (K = 5) and

transmit SNR v = 15 dB. After designing the RF precoder, the phases of the RF precoder

are quantized into @ bits such that £ [frp,| € {0, ;—g, e 2“3371 } Vr,m. We observe that
4 quantization bits are sufficient for the proposed AN-aided hybrid precoder with secrecy
rate loss less than 0.01 bits/s/Hz. With the same number of quantization bits, the proposed

AN-aided hybrid precoder outperforms the other hybrid precoders.

3.5 Conclusion

We proposed an AN-aided hybrid precoder design to enhance the physical layer security.
The proposed AN-aided hybrid precoder achieves comparable secrecy rate to that of the fully

digital precoder, with much lower hardware complexity. Moreover, the proposed AN-aided
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hybrid precoder outperforms the conventional MRT hybrid precoder. With finite resolution
phase shifters, we showed that 4 quantization bits are sufficient for the proposed AN-aided

hybrid precoder with secrecy rate loss less than 0.01 bits/s/Hz.

Appendix A - Evaluating the Integral I;;; in (3.14)

Defining pu,; = T , the integral I}, ; in can be written as I, ; = @ (Hﬁzzl ,uk,m) fk,l,

where

e o dr

fk,l :/ T
o (r+prg) [Tomey (7 + trm)

00 —or —or r
ag,€ b e Clk,m€
= ’ + — + E dr
/0 <<T+Mk,l)2 (T‘i‘,ukl T+Nkm)>

m=1, m#l
1 L
=ag, (56“’“’16Ei (—umé) + —) - kaem“’léEi (—,uk,l(S) - Z Ck7meuk’m5Ei (—,uk,mé) s
okt m=1, m#l
(3.23)
where Ei (z) = — f — £-dt is the exponential integral, and the partial fraction coefficients are
: _ 1 _ d 1

obtained as Qg1 = HLI’H#(%FMJ), bk,l - [67" =, n#(rﬂkn)] )
T=—fK,

1
Mk,z—,uk,m) Hﬁ:L n#m (#k,n—uk,m) '

and ¢y, = (
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CHAPTER 4
HYBRID PRECODING FOR MMWAVE MULTIUSER SYSTEMS WITH

PARTIAL CHANNEL KNOWLEDGE [

4.1 Introduction

The existing hybrid precoder designs for mmWave systems can be divided into two categories.
In the first category, it is assumed that the transmitter has full channel knowledge before
designing the hybrid precoder. For a single user, it was shown that by minimizing the
average Euclidean distance between the fully digital precoder and the hybrid precoder, the
hybrid precoder can achieve performance very close to that of the fully digital precoding
[142],[94], [146]. For multiple users, a two-stage hybrid precoder design was developed in [7, 9].
At the first stage, the transmitter and the users jointly select (using a feedback from the users)
the best pair of RF precoder and RF combiner to maximize the channel gain. Then, the
baseband precoder is designed as a zero-forcing (ZF) precoder for the equivalent channels. In
[93], the hybrid precoder design was enhanced by minimizing the mean-squared error (MSE)
of the transmitted data streams. In the second category, it is assumed that the transmitter
has knowledge of the second-order channel statistics [0, 8, 27, 100]. Using the second-order
channel statistics, the transmitter designs the RF precoder. Then, the transmitter estimates
the equivalent channel based on which the baseband precoder is designed as a ZF precoder.

We note that most of previous works assume full channel knowledge at the transmitter
either before designing the hybrid precoder (the first category) or after designing the RF pre-
coder (the second category). On the contrary, the assumption of partial channel knowledge
at the transmitter, where the transmitter has knowledge of the angles of departure (AoDs) of

the propagation paths only, is more practical. Since the AoDs are invariant with frequency

L© 2017 IEEE. Reprinted, with permission, from Yahia R. Ramadan and Hlaing Minn, “Novel Hy-
brid Precoding Designs for mmWave Multiuser Systems with Partial Channel Knowledge,” IEEE Global
Communications Conference (GLOBECOM) 2017, Singapore, 2017, pp. 1-6.
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in time-division duplex (TDD) or frequency-division duplex (FDD) operation mode, the
transmitter does not need any feedback [136, [5, [L05]. Moreover, the variation of the AoDs is
slower than the variation of the channel gains that makes it possible to use the same hybrid
precoder for multiple symbols. This chapter designs the hybrid precoder to maximize the
average sum rate of mmWave multiuser downlink systems with partial channel knowledge in
contrast to the full channel knowledge assumption of the existing approaches.

Our contributions can be summarized as follows. 1) We design the ZF hybrid precoder
with partial channel knowledge if Ny > (K — 1)L and Ngg > 2K, where L is the number of
propagation paths per user. 2) If these conditions are not satisfied, we propose another hybrid
precoder design that is based on signal-to-interference-and-noise ratio (SINR) and signal-to-
leakage-and-noise ratio (SLNR). We derive closed-form expressions for the average SINR and
SLNR. Using a lower bound on SLNR, we obtain the baseband precoder as a function of the
RF precoder. Then, we propose a simple gradient ascent algorithm which designs the RF
precoder using the gradient of the closed-form SLNR. To ensure the convergence, we update
the RF precoder to maximize the average sum rate obtained using the closed-form SINR. 3)
Since the hybrid precoder design with partial channel knowledge for multiple users has not
been discussed in the literature, we develop the closed-form Eigenvector-SLNR (EV-SLNR)
hybrid precoder (based on previous works with some modifications) which we consider as our
benchmark design. 4) We present sum-rate characteristics of the proposed hybrid precoders
with partial channel knowledge under different values of Ngr and SNR.

The rest of this chapter is organized as follows. In section II, we describe the system and
the channel models. In section III, we present the proposed ZF hybrid precoder. In section
IV, we introduce the proposed SINR-SLNR hybrid precoder. In section V, we develop the
EV-SLNR hybrid precoder. In section VI, we present the numerical results. Finally, section

VII concludes the chapter.
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4.2 System and Channel Models

4.2.1 System Model

We consider a mmWave multiuser downlink system with K single-antenna users as shown in
Fig. [4.1] The transmitter is equipped with a uniform linear array (ULA) with Nt antennas.
The spacing between antennas is half the wavelength. To reduce the hardware complexity
and the power consumption, the uniform linear antenna array is connected via an analog RF
precoder to Ngr RF chains (K < Ngrp < Nt) which process the digitally-precoded streams.
We consider a narrow-band transmission, where the received signal 1, at the k' user is
given by
K
Y = hyFrefep psk + Z h,Frrfpps; + 2, (4.1)
ik
where h, € C*Mr is the mmWave channel to the k™ user, Frp € CNT*Nrr js the analog
RF precoder, fgpy € CMrrx! s the digital baseband precoder for the k™ user, s is the
transmitted modulated symbol to the k™® user with E [|sk|2] = P, and z; is the zero-mean
additive white complex Gaussian noise with variance ¢? at the k' user. The RF precoder
Frr and the baseband precoder Fgp = [fgp.1, fsp2, - - - » fB.Kx] € CVRF XK have to be designed

jointly due to the coupled power constraint ||FRFFBB||% = K. The analog RF preocder Fgp

is usually implemented using analog phase shifters and analog combiners. We consider
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the fully-connected structure which requires Nt Ngrp analog phase shifters and Nt analog

combiners. Therefore, we have the constraint that |Frg (m,n)| = 1Vm,n.

4.2.2 Channel Model

Millimeter-wave channels are expected to have limited scattering [145], 141]. Therefore, we
adopt a sparse geometric multipath channel model, where the channel vector hy, to the k"

user is given by

N L
[LVT 2 :

where L is the number of propagation paths, a;j is the channel gain of the I*® path to the
k™ user, a;; is the transmit steering vectors of the I path to the k' user with azimuth

angle of departure (AoD) of ¢, and

1
VNt

Let Apy € CNt*L be the transmit array response matrix to the k™ user given by

T

[1’ e Imeos(puk) e_jW(NT_l)COS(SDZ,k)] _ (4.3)

A =

g ey

Ary =[aik, a0, ..., a0k - (4.4)

Since each resolvable path consists of several paths, similar to [I, Section III-E], the channel
gains {a;} are assumed to be independent complex Gaussian random variables with zero-
mean and unit variance.

Throughout the chapter, we assume partial channel knowledge at the transmitter, where
the transmitter has knowledge of only the AoDs of the propagation paths. Since the AoDs
are invariant with frequency in TDD or FDD operation mode, the transmitter does not need
any feedback [136], B, 105]. Moreover, the variation of the AoDs is slower than the variation
of the channel gains that makes it possible to use the same hybrid precoder for multiple

symbols.
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4.2.3 Hybrid Precoding Design Problem

The achievable rate Ry, of the k" user is given by

!hkFRFfBB,k\2

Z%}g \hkFRFfBB,¢|2 +90

where 6 = 1/ and v = P/o? is the transmit SNR per user. Our aim is to maximize the

Rk = 10g2 1 =+ s (45)

average sum rate Rg,, given by

\hkFRFfBB,k|2
Z%i lh. Frefep,|” + 6

where the expectation is performed only over the unknown channel gains {a;x}. Using

K
Rom =Y E |log, [ 1+ , (4.6)
k=1

Jensen’s inequality, we have
b

K
Roum <) _log, (1+SINRy) £ RYP (4.7)

sum’
k=1

‘hkFRFfBB,k‘Q

where SINR, = E = 5
S i |hiFrefepi| +0
i~k

is the average receive SINR of the k'™ user. Al-

i
ternatively, we design the hybrid precoder to maximize the average sum rate upper bound

RUB

sum’

[Frr,Fpg] = argmax RJD
Frr.FeB
s.t. |Frr(m,n)| =1VYm,n,
|FreFaslp = K. (4.8)
Next, we propose different hybrid precoding designs to maximize the average sum rate upper

bound RYB

sum*

4.3 Proposed Zero-Forcing Hybrid Precoder

The zero-forcing (ZF) hybrid precoder is designed to null the interference to each user. With

full channel knowledge, the baseband precoder is used to null the interference to each user
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[7,9]. As a result, it is only necessary that Nrp > K to apply the ZF precoder with full
channel knowledge. On the other hand, with partial channel knowledge, using the baseband
precoder to null the interference to each user requires that Ngp > (K — 1)L since it is
necessary to null L directions for each one of the K — 1 interfering users. However, the
condition Ngp > (K — 1)L is not likely to be satisfied in mmWave systems due to the high
cost and power of RF chains. Alternatively, we use the RF precoder to null the interference
to each user. Therefore, we obtain a simpler condition on Ngr (as will be shown).
Dropping the unit modulus constraint, let f; be the precoder for the k" user. We express

f;, as

f, = U.f,, (4.9)

where U, = N [A11, ..., Arp 1, Ar i, ..., Ap k] € CNoXNe=(K=DD) jg 5 semi-unitary ma-
trix in the null space of the directions to the K —1 interfering users, and f;, € CNr—(K-DI)x1,
Therefore, it is necessary that Ny > (K —1)L. We design f, to maximize the expected receive

SNR of the k' user (SNRy) given by

|
YNT 2 - 21 _H 7
= Tfk Uk Zal,kE Ual,k’ :| ahk kak:

=1

L

Nr - ~

_ VLTf,fo <§ al,ka{j;> U, f,. (4.10)
=1

By maximizing SNRy, with the constraint ||f,||* = 1, we obtain f; as

L
fk = gmax [UkH (Z ahkaﬁ;) Uk] s (411)

=1

and the corresponding Rgl]?mzp is expressed as

K L
N
Rz = Y log (1 + 2 A [U,If (Z al,ka{fk> Uk]) . (4.12)

k=1 =1
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Therefore, the precoder matrix F is expressed as F = [f|, f,, ..., fx] € CN*K_ However, the

precoder matrix F is not likely to satisfy the unit modulus constraint. In [149], it was shown

CN><1 CN><2

that any vector x € can be expressed as x = 5(5(, where X € is with unit modulus
entries and x € R?>*!. Following this decomposition, we decompose F as F = QrrRgs,
where Qrp € CNT*2K is with unit modulus entries, and Rgg € R2(8*X | Therefore, it is also
necessary that Ngp > 2K to apply the ZF hybrid precoder by setting Frr (3,1 : 2K) = Qgrr
and Fpp (1:2K,:) = Rpg. In conclusion, with partial channel knowledge, it is necessary

that Nt > (K — 1)L and Ngrg > 2K to apply the ZF hybrid precoder.
4.4 Proposed SINR-SLNR Hybrid Precoder

If the conditions Ny > (K —1)L and/ or Ngr > 2K are not satisfied, the zero-forcing hybrid

precoder is infeasible. Therefore, we propose another hybrid precoder design that is based

on SINR and SLNR. Let SINR; and SLNRy be the expected receive SINR and SLNR of the

k™" user respectively. Next, we drive closed-form expressions for SINR;, and SLNR,,. Then,

we use both SINR;, and SLNR;, to maximize RUB

sum*

4.4.1 A Closed-Form Expression for SINR

The average receive SINR of the &*® user SINRy, is given by

|h.Frefep |

SINR, = E (4.13)
Z{il |hkFRFfBB,7j|2 +0
i#k
It can be rewritten as
H
I A
SINR, = E |k 2k | (4.14)
where (897 = [Oéljk, 042719, ey O(L’k]T, Ak = A’II{kFRFfBB,kfé{Byk

FgFAT7k7 Bk = A%kFRF (EZ:H}; fBB,ifé{B,@') FgFATJg, and g = L We can notice that

YNt *

SINRy, in (4.14)) is the expected value of a ratio of quadratic forms of ay. Moreover, oy, is
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a circularly-symmetric complex Gaussian random vector with a probability density function
(PDF) fa, (a) given by [120]

H
e~ % Ok

fak (ak) =

— (4.15)

Let w; and wy be two random variables such that P (wy > 0) = 1. In [83], it was shown that

]E[E] - /0 h {%Mwm (s,—r)| dn, (4.16)

w2 s=0

where My, w, (s,7) is the joint moment generating function of w; and wy. Define w; =

al Aoy and wy = af’Bray + §, we obtain M, ., (s, —7) as

o)
7 _H H _ A H _z
Mw17w2 (8, —T’) — / T L6 oy ag o Araps—ay’ Bragr §rdak

—00

= e I, — Aps+ Byr| (4.17)

Therefore, we can evaluate SINR;, as

SINR, = / {826_574 |IL — Aps+ BkT’|_1:| dr
0

S

s=0
_ / 5|1, + By Te [(I + Byr) ' Ay dr, (4.18)
0
which can be simplified to
. M
SINR, = £, FY Arq Vidiag / b ¢ dr VHAH Frpf
k= Tk Vi RFIBB ;s
BB,k~ RF J 0 (1 -+ )\k,l,r) H%:l (1 + Ak,mrl - k T,k
Iny

(4.19)
where M = min (K —1,L), and {\,}, and V;, € C**M are the eigenvalues and the
eigenvectors matrix of By respectively. The integral Ij; in is evaluated in Appendix.
As a result, we can also write RUP in a closed-form. However, SINR;, in is a non-

sum

convex and non-differentiable function of the hybrid precoder, which makes the optimization

problem in (4.8]) difficult to solve.
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4.4.2 A Closed-Form Expression for SLNR

An alternative approach to design the hybrid precoder is to consider SLNR. We derive
a closed-form expression for SLNRy. Interestingly, the derived SLNRy is a differentiable
function of the hybrid precoder (as will be shown).

The average receive SLNR of the £ user SLNR, is given by

L h Frefes il

~o 1D RPIBB &

SLNR, = E LZ; I Foch |2+5 . (4.20)
Nt ;,;J:Hl€ L RF1BB,k

L L )
We know that 4 /NLThkFRFfBB,k =>4 ahkaﬂFRFfBB’k which is a complex Gaussian random
. . . L 2 2
variable with zero-mean and variance of > ;" ‘aﬁFRFfBB7k| . Therefore, v, = NLT |hyFrrfpp k|

2, and its PDF

. . . . L
is an exponential random variable with mean value ), = >~ |af1k

is given by [120]

v1
P,k

for (v1) = , v > 0. (4.21)

Mok ke

In addition, vy = NLT > i1 | Frefppk|” is a sum of independent exponential random vari-
itk

K
? }i:l’ which results in a hypo-exponential

ables with mean values of { Wi = Zle !aﬁi
i#k

random variable with a PDF given by [120)]

v2

K
e /"zk
oo (02) Z , vy > 0, (4.22)
1/7
12k
where t; = H m=1 —=* — Therefore, we can obtain the joint moment generating func-
m#£i, m#£k Hik—Hm,k
tion M, 4, (s,7) of v; and v, as
1
oo ()
My, v, (s,7) = e_‘sr/ —dn,
0 ok k

1
K —v2 o
ootie Hik
X E —duvy
i—1 /0 Hi ke
itk

63



(4.23)

1_:ukk3 Msz

||
MMN
-

Using (4.16)), we can evaluate SLNRy as

i=1
i#k 5=0

K ) y
to 5
= —Hik E » etk Fi (- ) ; (4.24)

where Ei(z) = — f tdt is the exponential integral. We can also get a lower bound on

SLNRy, as

E | [t
E [NLT >k MiFrefan | + 5]

S Jaf Frefan |
Zz 12; 1‘aleRFfBBk‘ +0

SLNRy >

2 SINR,”, (4.25)

where the inequality holds since the numerator and denominator are independent and E [ﬂ >

ﬁ by Jensen’s inequality.

4.4.3 Optimizing Algorithm

Using SLNRI,;B, we obtain the baseband precoder as a function of the RF precoder. To
decouple the design of the baseband precoders {fgp}, we relax the power constraint to
|Frefepxl” = 1, which also satisfies |[FrpFpp|/7 = K. Applying the new power constraint

into SLNRI,;B, we get
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2
————=LB S |aft Frefop k|
SINER," = L :
sz;i P |alyiFRFfBB,k| + 0 |[Frefsp,kl
fits 1 <F§F P al,ka{iFRF> fep.k
= | (4.26)
félB i <F Zz 1 Zz IR Y ZFRF + 5FRFFRF> feB i

: : : o . . ..  o—=LB
Using generalized eigenvector decomposition, we obtain fgp ; maximizing SLNR,~ as

—1
H K L H ST H H L H
E max (FRF Zgj;i > agiag Fre + 5FRFFRF) Fip 2121 axd)  Fre

fBB,k =
FRFgmax

1
H K L H ST H H L H
(FRF Z;;}c Dl al,iaz,iFRF + 5FRFFRF) Frr 2l al,kaz,kFRF

(4.27)

Now, we propose a suboptimal gradient ascent algorithm to design the RF precoder Fgp.

Note that SLNRy, in (4.24)) is differentiable while SINRy, in (4.19)) is not. Therefore, we use
the gradient of 3_& | SLNRy, to maximize RUB. The gradient Vg, of 3.1 SLNR; with

sum*

respect to the RF precoder Fgp is obtained (after mathematical manipulations) as

K K i .
Lok VEre (k) — HikVEge (L k) i S 0
VE.. = { ’ RE - o RE t; — Ve (ti) | e*irEi [ —
. ;; ( N?,k pig i &
erir i (~ 2
e“i»k El (--) —|— /-Iflk’
Pk Hik :
+t— VF (,ui,k)}, (4.28)
i ke /%Z,k RE
Vg (Hik) ZalzaleRFfBB kaB ko (4.29)
=1
ik V m mkV ;
Vo, (1) = Z HieV Fr (u k) =tk Ve (Hik) (4:30)

1 ,u — M km k
m;éz m#k

Using the gradient Vg, in (4.28]), we obtain the RF precoder Frp by Algorithm 1, where

Prr is the number of iterations, and the updating rule is solved by a backtracking line search
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Algorithm 1 Hybrid precoder design for average sum rate maximization

Initialization: Obtain Fg)% as the proposed ZF RF precoder if it is feasible. If not, obtain F%?% randomly

while satisfying the unit modulus constraint.

Then, obtain Fg% using (4.27)).
while p < P (or any other appropriate stopping criterion)

Calculate the gradient V%’;F using (4.28)—(4.30) with Fpg = Fl(gp).
Updating rule:

[FE R o] = argmax RUE, (Far, Fos),
Frr,FBB,
- (p) (p)
s.t. FRF = @JZ(]':‘RPF+O‘VFPRF)7
Fpp as in (4.27)).
p=p+1L
end while

Output: F%PFH), F](;;H).

over the step size « [21I]. We initialize the RF precoder as the proposed ZF RF precoder
if it is feasible (Ny > (K — 1)L and Ngp > 2K). If not, we initialize the RF precoder
randomly while satisfying the unit modulus constraint |Fgg (m,n)| = 1 Vm,n. Note that
the updating rule in Algorithm 1 is done based on RUE | which ensures an increase in RU2

sum?’ sum

in each iteration, and hence it ensures the convergence of the algorithm. Note that we have

a closed-form for RUB thanks to the closed-form SINR in (4.19).

sum

4.5 Eigenvector-SLNR Hybrid Precoder

In this section, we present the Eigenvector-SLNR (EV-SLNR) hybrid precoder, which we
consider as our benchmark design. Specifically, we develop EV-SLNR hybrid precoder based
on [80, 8, 27] with some modifications to satisfy the unit modulus constraint and the power
constraint.

As proposed in [80, §], the RF precoder Fry is obtained using the principal eigenvectors

L H K
of {lelamal’k}k as

FRF — [ejégmaX[ZlL:I al,la{ﬁ]j .. ’ejégmax[zlllzl al’KalI_fK] , (431)
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where we use only the phases of the principal eigenvectors to satisfy the unit modulus con-
straint. As proposed in [27], the baseband precoder fppj is designed to maximize WEB.
In [27], the power constraint |[Frefap||” = 1 is applied after obtaining fag . On the con-
trary, we apply the power constraint into miB before obtaining fgg ;. Therefore, our
closed-form baseband precoder in is more accurate than that in [27]. The main ad-
vantage of EV-SLNR hybrid precoder is that the RF precoder and the baseband precoder
can be written in closed-forms as in and (4.31). However, EV-SLNR hybrid pre-
coder utilizes only K RF chains out of the available Ngr RF chains, which results in some

performance loss.

4.6 Numerical Results

We evaluate the performance of the proposed hybrid precoder designs and compare them
with the performance of EV-SLNR hybrid precoder by means of Monte-Carlo simulations.
Note that the proposed SINR-SLNR hybrid precoder is different from EV-SLNR hybrid
precoder in the design of the RF precoder. EV-SLNR hybrid precoder utilizes only K RF
chains out of the available Ngr RF chains. On the contrary, the proposed SINR-SLNR
hybrid precoder utilizes the available Ngr RF chains.

Regarding the simulation setup, we assume that the transmitter has 20 antennas (Nt =
20), and we have 4 users (K = 4). The number of RF chains Nrr will be an adjustable
parameter. All channels follow the mmWave channel model described in subsection
with 6 propagation paths (L = 6), where the channel gains {a;x} are zero-mean and
unit-variance complex Gaussian random variables, and the angles of departure {¢;;} are
uniformly-distributed within [0 27).

Fig. shows the average SINR (+ S°K  SINRy) and the average SLNR (= S K SINRy)
versus transmit SNR v with Ngrp = 4. We observe that the closed-form expressions in (4.19))

and (4.24]) exactly match the corresponding values obtained by simulation, which verifies our
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Figure 4.2. Verification of our closed-form expressions of SINR in (4.19) and SLNR in (4.24))
with values obtained by simulation with Ny = 4.

closed-form expressions. We also observe that the average SLNR gives a good approximation
to the average SINR, which enables us to use the gradient in of the average SLNR to
maximize the sum rate (as used in Algorithm 1).

Fig. shows the achievable sum rate Ry, as a function of the transmit SNR v with
different numbers of RF chains.With Nrrp = 4, the proposed ZF hybrid precoder is infea-
sible. On the other hand, the proposed SINR-SLNR hybrid precoderand EV-SLNR hybrid
precoder are feasible. The proposed SINR-SLNR hybrid precoder outperforms EV-SLNR
hybrid precoder specifically at moderate and high SNRs. The sum-rate gap between the
proposed SINR-SLNR hybrid precoder and EV-SLNR hybrid precoder increases as we in-
crease Ngr to 6 and 8. The reason is that EV-SLNR hybrid precoder utilizes only K RF
chains out of the available Ngrr RF chain, while the proposed SINR-SLNR hybrid precoder
utilizes the available Ngrp RF chains. With Ngp = 8, the proposed ZF hybrid precoder is
feasible, and it outperforms EV-SLNR at high SNRs since nulling the interference is the
optimal strategy at high SNRs. However, the proposed ZF hybrid precoder achieves the
lowest sum rate at low SNRs since the system is power-limited and nulling the interference

is not the optimal strategy at low SNRs. We also observe that with the same number of
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Figure 4.3. Achievable sum rate Rg,, as a function of transmit SNR v with K = 4 and
different numbers of Nyg.

RF chains the proposed SINR-SLNR hybrid precoder outperforms the proposed ZF hybrid

precoder at low and moderate SNRs on the expense of higher computational complexity.

4.7 Conclusion

For mmWave multiuser downlink systems, the use of hybrid precoders and partial channel
knowledge is more practical than that of fully digital precoders and/or full channel knowl-
edge. We developed three hybrid precoders (ZF, SINR-SLNR, and EV-SLNR) based on
partial channel knowledge in contrast to the full channel knowledge required in the existing
approaches. The interference nulling of ZF hybrid precoder is feasible with partial channel
knowledge if necessary conditions on the numbers of transmit antennas and RF chains are
satisfied, which is more demanding than that with full channel knowledge. For the scenarios
not satisfying the necessary conditions of ZF, we proposed SINR-SLNR hybrid precoder. We
also developed EV-SLNR hybrid precoder (a modification of the existing approaches to fit to
the partial channel knowledge scenario) as a benchmark. When ZF is not feasible, there will
be interference and hence the sum-rate performance of SINR-SLNR and EV-SLNR hybrid
precoders would not linearly grow with SNR at high SNRs. However, the SINR-SLNR hybrid

precoder outperforms the EV-SLNR hybrid precoder and its sum-rate performance is also
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enhanced by increasing the number of RF chains while it is not the case for the EV-SLNR
hybrid precoder. When ZF is feasible, the sum-rate performance of the ZF hybrid precoder
is substantially better at high SNRs, but worse at low SNRs than those of the other schemes.
With the same number of RF chains, the proposed SINR-SLNR hybrid precoder yields bet-
ter sum-rate performance than all the other schemes on the expense of higher computational

complexity.

Appendix A - Evaluating the Integral I;;; in (4.19)

Defining jux; = ﬁ}l, the integral I, in (4.19) can be written as Ij; = i (H%Zl ,uk,m> fk,l,

where

~ & e dr
Ik,l - M
o (7t ) [oney (7 + pim)

[ age?" by, le—Sr ZM Ck me—Sr
= / : D) + : + _— dT’
0 (r+ te) (7 =+ pn) (r + Loem)

m=1, m#l
L . 1 . .
= akJ ((Seuk’l(sEi <_,uk,l5> + —) — bkjleuk’l(sEi <—uk715>
Pkl
M 4 ~
— Z ckvme“’“m‘sEi <—Mk,m5> , (4.32)
m=1, m#l
where Ei (z) = — ffjc e%tdt is the exponential integral, and the partial fraction coefficients are
. o 1 — 9 1
obtained “as axs = gwooromly b = lar nﬁf_l,"#(rwk,n)] ’

T=—Hk,
1

(l’“k,l _H‘k,m> ]._[Lw:lY n#m (.U‘k,n_ﬂk,m) ’

and ¢y, =
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PART 11

LOW-COST NONLINEAR TERA-HERTZ TRANSMITTERS
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CHAPTER 5
PRECOMPENSATION AND SYSTEM PARAMETERS ESTIMATION FOR
LOW-COST NONLINEAR TERA-HERTZ TRANSMITTERS IN THE

PRESENCE OF 1/Q IMBALANCEE]

5.1 Introduction

Signal generation circuitries for low-cost THz devices are different from the conventional ones
of the lower frequency bands. This is due to unavailability of THz oscillators and THz CMOS
power amplifiers which is commonly known as “the THz Gap” [102]. Thus, low-cost THz
transceivers rely on nonlinear devices in contrast to the linear devices of the lower frequency
bands. Another crucial limitation of low-cost THz devices is the output power constraint
which has a direct effect on the sensing/communication range and performance.

There are a few low-cost state-of-the-art CMOS THz transmitter architectures in the
recent literature. The two most promising ones are the so-called frequency-multiplier-last
architecture from the UC-Berkeley [69, [68] O8] and the cubic mixer architecture from Japan
[70,[71]. The former [69, 68] has an advantage of 14.5 dB higher output power and 8 dB lower
DC power consumption than the latter. However, the frequency-multiplier-last architecture
[69, [68], O8] is not capable of transmitting quadrature amplitude modulation (QAM) schemes
while the mixer architecture [70, [71] is. The research group of the latter also developed
a doubler mixer architecture in [124] which yields a higher output power due to the use of
doubler rather than tripler. This chapter focuses on the frequency-multiplier-last architecture
since it has substantial advantages in terms of the transmitter output power and DC power

consumption which are much needed to address the propagation range limitation and energy

1© 2018 IEEE. Reprinted, with permission, from Yahia R. Ramadan, Mahmoud E. Abdelgelil and Hlaing
Minn, “Novel Pre-Compensation Schemes for Low-Cost Nonlinear Tera-Hertz Transmitters,” IEEE Interna-
tional Conference on Communications (ICC) 2018, Kansas City, MO, USA, 2018, pp. 1-6.
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efficiency. The major limitations/challenges of the frequency-multiplier-last architecture
reported in the recent literature are its incapability with QAM transmission and its undesired
spectrum spreading, both due to nonlinear distortions. These nonlinear distortions impose
new fundamental challenges for designing reliable and efficient communications systems in
the nonlinear regime.

If compared to the existing communication systems, THz communication introduces sev-
eral challenges including communication range limitation, distance and frequency dependent
channel characteristics, and more difficult synchronization, equalization and distortion com-
pensation [2]. When low-cost constraint (i.e., CMOS device) is imposed, the most energy-
efficient transmitter architecture in the literature [69, 68] causes an additional challenge
of nonlinear distortion to the message signals which prevents reliable transmission of QAM
signals. Another source of distortion in low-cost THz transmitters is the inphase and quadra-
ture (I/Q) imbalance. Ideally, the inphase (I) and quadrature (Q) branches of the mixers
should have equal amplitude and 90° phase difference. However, this is rarely the case in
practice, resulting in I/Q imbalance. Communication theory in such nonlinear systems in
the presence of 1/Q imbalance has not been investigated in the literature and we address it
in this chapter.

In [22], a precompensation scheme was proposed for nonlinear power amplifiers (PAs) in
the absence of 1/(Q) imbalance. In [I0] [I48] [74] and the references therein, closed-feedback
polynomial-based precompensation schemes were developed for nonlinear PAs in the presence
of I/Q imbalance. Due to the closed-feedback nature, these schemes do not require the
knowledge of the nonlinear device (NLD) parameters and the I/Q imbalance parameters.
Unlike the case of nonlinear PAs, the closed-feedback polynomial-based precompensation is
not applicable to nonlinear frequency multipliers in the presence of I/Q imbalance. This fact
is due to the third-order and fifth-order powers relationship (for frequency tripler) between

the input and the output of the frequency multiplier. Therefore, the NLD parameters and
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the 1/Q imbalance parameters should be estimated first, and then be used to precompensate

the transmitted signal, but this problem has not been addressed in the literature.
Motivated by the challenges mentioned above, we study such nonlinear THz communi-

cation system in the presence of I/Q) imbalance. Our main contributions are summarized as

follows:

e An accurate signal model is derived incorporating both the nonlinearity aspects of the

low-cost THz devices and the I/Q imbalance effect.

e We show that without precompensation and with pulse-shaping filter spanning more
than one symbol, the transmitter output constellation experiences significant distor-
tions in the absence or presence of I/Q imbalance. In addition, the existing frequency-

multiplier-last architecture is not capable of transmitting QAM.

e A precompensation scheme is proposed to compensate the nonlinearity and I/Q imbal-
ance effects and enable low-cost THz QAM transmission. The proposed precompen-
sation scheme requires the knowledge of the NLD parameters and the I/Q imbalance

parameters.

e Due to the nonlinearity of the frequency multiplier, we show that the I/Q imbalance
parameters cannot be estimated unless the following two conditions are satisfied. First,
the pilot symbols are inter-symbol-interference-free. Second, the first half of the pilot
sequence is real only while the second half is imaginary only, or the first half of the

pilot sequence is imaginary only while the second half is real only.

e Using a separate measurement circuitry for testing/calibrating the THz transmitters,
we propose a maximum-likelihood (ML) estimator and its practical implementation to
estimate the NLD parameters and the 1/Q imbalance parameters based on two phases

of measurements.
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e We derive closed-form expressions for the Cramér-Rao lower bounds (CRLBs) of the
system parameters estimates as benchmark metrics to evaluate the performance of the

proposed ML estimator.

e A pilot sequence design is developed for testing/calibrating the THz transmitters to

enhance the performance of the proposed ML estimator.

e We present performance characteristics of the proposed precompensation and param-
eters estimation schemes which show efficient handling of severe nonlinear distortions
and spectrum spreading issues of the low-cost frequency-multiplier-last THz transmit-

ter, and mitigation of the I/Q) imbalance effect.

The rest of the chapter is organized as follows. In section II, we describe the system
model and derive an accurate signal model. In section III, we show the effects of the pulse-
shaping filter and the I/Q imbalance on the signal spectrum and constellation. In section
IV, the proposed precompensation scheme is introduced. In section V, we describe the
proposed system parameters estimation method. In section VI, we derive the CRLBs for
system parameters estimation, and design the pilot sequence used to estimate the system
parameters. Numerical results are presented in section VII. Finally, section VIII concludes

the chapter.

5.2 System and Signal Model

To investigate the effect of nonlinear THz transmitters in the presence of 1/Q) imbalance,
we consider a single-antenna THz communication system. The extension to multi-antenna
systems can be straightly done. The transmitter utilizes the frequency-multiplier-last ar-

chitecture [69], 68] for an in-phase (I) and quadrature (Q) transmission as shown in Fig.

B.Il
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Figure 5.1. Frequency-multiplier-last transmitter architecture for I/Q transmission [69] [68]
in the presence of 1/Q imbalance. (BPF = bandpass filter, PA = power amplifier, NLD =
nonlinear device)

The frequency multiplier block is implemented by a nonlinear device (NLD) followed by
a bandpass filter (BPF), and it is the source of nonlinear distortion. Ideally, the I and Q
branches of the mixers should have equal amplitude and 90° phase difference. However, this
is rarely the case in practice, resulting in I/Q imbalance.

For a block of M modulation symbols, the I and Q branches can be given by si(t) =
Zn]‘le arm6(t — mTy) and sq(t) = fozl aqmd(t — mT,) where a,, = ar, + jaqm is a
modulation symbolﬂ, T is the symbol duration, and Ry = 1/T} is the symbol rate. With a
pulse-shaping filter ¢(t), the baseband signal 5(t) = 31(t) + jSq(t) = s(t) % g(t) is given by

M
§(t) =) amg(t — mTy). (5.1)
m=1
Then, the output of the non-ideal mixer (in the presence of 1/Q imbalance) with frequency

fe is given by [81]

ya(t) = (14 ¢€) 31(t) cos(2m fet — @)

— (1 —€) 5q(t) sin(2m fot + @), (5.2)

2For multicarrier modulation, {a,,} should be the complex time-domain output samples of the inverse
discrete Fourier transform (IDFT) block, and M should be the IDFT size.
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where € and ¢ are the amplitude imbalance and phase imbalance respectively between I and

Q branches. After some manipulations, ([5.2)) can be rewritten as
ya(t) = s1(t) cos(2m fot) — 5q(t) sin(27 fet), (5.3)

where 5(t) = 51(t) + j5q(t), and 5(¢) is related to §(¢) as [129]

5(t) = ps(t) + vs*(t), (5.4)

where
p = cos (¢) — jesin (), (5.5)
v =ecos(¢) — jsin(¢). (5.6)

We consider a memoryless polynomial model for the NLD (i.e., for an input z, the
output is Zle Apx®). | The larger order terms typically have smaller coefficients and their
spectrum spreadings are wider. Furthermore, larger order terms may introduce some floor
of distortions. The NLD used in the THz transmitter typically has a differential output, and

hence even order terms will be canceled. Therefore, the nonlinear device output signal yg(t)
is given byﬂ
yp(t) =A1 (51(t) cos(2m fet) —5q(t) sin(2m f.t))
+ As (51(t) cos(2m fot) — 5q(t) sin(27 fet))

+ As (51(t) cos(2m fot) —5q () sin (27 ft)) 4. . .. (5.7)

3The hardware implementation of the frequency-multiplier-last transmitter in [69] implements wideband
amplifiers, frequency multiplier, and antennas. Therefore, the power amplifier and the frequency multiplier
have approximately flat responses. The sensitivity of the proposed solutions to frequency-selective NLDs
and frequency-dependent I/Q imbalance is investigated in section VII.

4With approximately flat responses for power amplifier and frequency multiplier, if the level of the input
signal to the power amplifier is not within the linear region of the power amplifier, the power amplifier
will introduce nonlinear distortion. However, since the two nonlinear blocks (the power amplifier and the
frequency multiplier) are cascaded, the nonlinearity effect of the two nonlinear blocks can be modeled by a
single nonlinear polynomial model as in .
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If we consider the desired signal to be centered around a THz carrier fr = 3f., it will be
typically contributed mainly by third-order power (-)* and partially by fifth-order power (-)°.
The last BPF allows the desired signal centered around the THz carrier fr and suppresses

other terms, yielding yc(t) as

yolt) = {z (5500) — 35:(0)53,(1)) + 2222 (3(0) — 35u(1)5h(1) - 25%@)53@))} cos(2 frt)

. /

-~
zB,1(t)

_ {% (35t (M)5a(t) = 5(0) + 75 (251()54(t) + 351 (H)5a(t) - sg(t))] sin(27 frt). (5.8)

/

zBB,qQ(t)

The equivalent baseband signal of yc(t) is zpg(t) = xep1(t) + jreB.Q(t). By defining A; =
As/4 and A; = 5A3/16 and grouping the terms in (5.8) carefully, xpg(t) is simplified into

x |pd(t) + vs ()] . (5.9)

From (5.9), we can observe that I/Q imbalance and nonlinearity of the frequency multiplier
cause a specific form of nonlinear distortion to the modulation symbols as well as spectral
spreading and larger spectrum sidelobes. The I/Q imbalance modifies the baseband signal
5(t) into 5(t), and then the nonlinearity modifies the baseband signal 5(¢) into zpg(t). We

can also write the output of the frequency multiplier yc(t) = R {zpg(t)e>™/} as

yo(t) = 9‘{{213( (nam + va; )g(t — st))3

m=1

T As( 3 (uan, + vag,)g(t — mT.))’

m=1

X | Z(uam +wvay)g(t — mTS)}Q) ejQ’Tth}. (5.10)

m=1
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Equation (5.10]) shows exactly how the I/Q imbalance parameters (¢ and v), the frequency
multiplier nonlinearity parameters (As and A;), and the pulse-shaping filter g(t) affect the

modulation symbols {a,,} and the THz transmitted signal.
5.3 Pulse Shaping and I/Q Imbalance Effects

An important entity which influences the nonlinear distortions of the frequency-multiplier
architecture is the transmit baseband pulse-shaping filter before the frequency multiplier.
For low-cost THz transmitters, the filtering stage after the frequency multiplier circuit is
implemented by means of on-chip connection line and on-chip antenna, and hence the filtering
performance at that stage is rather loose. Thus, the role of the baseband pulse-shaping filter
is more prominent for controlling output power spectrum. Differences from the existing lower
band systems are complications due to nonlinearity of the frequency multiplier and the loose
filtering after the frequency multiplier.

Recent literature demonstrated feasibility of quadrature phase-shift keying (QPSK) in
such nonlinear systems [69, [68] where the message points in the QPSK constellation just
experience a predefined permutation. However, these results are valid only in the absence
of I/Q imbalance and if the baseband pulse-shaping filter impulse response is limited within
one symbol interval (T;) which causes high levels of spectrum sidelobes. To keep adjacent
channel interferences at an acceptable level, the spectrum sidelobes need to be substantially
lowered which requires the use of a larger span of the pulse-shaping filter.

To illustrate this, for QPSK modulation with normalized input energy F,om = 20 dBm
to the NLD, Fig. shows the power spectrum density (PSD) of the signals before and
after the frequency multiplier and the transmitter output constellation in the absence (Fig.
5.2a) /presence (Fig. [5.2b) of I1/Q imbalance and for two different pulse-shaping filters:
1) rectangular pulse-shaping filter spanning one symbol and 2) root-raised cosine (RRC)

pulse-shaping filter spanning 12 symbols. Here, the NLD contains both the third-order and
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fiftth-order power terms. On the other hand, we present the results for only the third-order
power term of the NLD in the absence of I/Q) imbalance in [I06]. From the results of Fig.
and those of [106], we observe that a larger filter span yields a lower spectrum sidelobe
but a severe degradation of the transmitter output constellation due to nonlinear distortion.
With the rectangular pulse-shaping filter, the third-order power of the NLD results in only
a predefined permutation to the QPSK constellation points. On the other hand, with the
RRC pulse-shaping filter, the third-order power of the NLD results in a severe distortion to
the QPSK constellation. The fifth-order power of the NLD results in a slight distortion to
the transmitter output constellation for both pulse-shaping filters.

In the presence of I/Q imbalance (Fig. [5.2b), we observe that the I/Q imbalance adds
additional distortions to the transmitter output constellation for both pulse-shaping filters.
These numerical results show that new communication strategies are needed for both QPSK
and QAM signals for energy and spectrum efficient low-cost THz systems. In the next
section, we propose a precompensation scheme to mitigate the distortions caused by the 1/Q

imbalance and the nonlinearity of the frequency multiplier.

5.4 Proposed Precompensation Scheme

Since the I/Q) imbalance and nonlinear distortion are caused by two different blocks (i.e.,
I/Q imbalance is caused by the non-ideal mixer and nonlinear distortion is caused by the
frequency multiplier), we propose to precompensate each block separately. However, this
method requires the knowledge of 1/Q imbalance parameters (¢ and ¢) and the NLD pa-
rameters (1213 and 215). In this section, we propose a precompensation scheme assuming that
these system parameters have been already estimated. In the next section, we will describe

the estimation method of these parameters.
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5.4.1 Precompensator Setup

For the desired baseband signal §(¢) of , our design seeks to make the output of the
frequency multiplier as close as possible to ,/75(t) where v is a scaling factor to be determined
to satisfy a normalized energy requirement E., at the output of the power amplifier. First,
we start with the precompensation of the frequency multiplier in the absence of the 1/Q
imbalance. Then, we modify the precompensated signal to compensate the I/Q Imbalance
in subsection (.4.4]

Suppose that z,..(t) is the baseband signal after precompensating the nonlinearity effect
of the frequency multiplier (i.e., in Fig. , Ya = Tpre(t)). Then, we design precompensation

such that its output signal z () is given by

arg min /
Tpre(t)  JTh

where Ty is the time span of the signal block. Using a highly enough sampling rate R. which

2

VAS() = Ayt (1) = Ao (0)| e (0)]7] (5.11)

is L times the symbol rate Ry, the discrete-time implementation of (5.11)) can be given as

K
arg min E

{er} k=1
where 5, = \/75(kT.), cx = Tpre(kTe), and K = LM. Then, the solution samples {c;} can

2
5, — Ascd — A502|Ck|2 , (5.12)

be used to construct zp.(t) as

Tpre(t) = Y erq(t — KTo), (5.13)

k=1

where ¢(t) is the interpolation (construction) filter. In order to maintain zero error of con-
struction (zero integrand) at time instants {kT.} in (5.11)), ¢(¢) should satisfy Nyquist’s zero
inter-symbol interference criterion. Furthermore, ¢(t) should preserve {c;} and also be in-
dependent of {c¢;}. Thus, we propose to obtain ¢(t) as a truncated raised cosine (RC) filter

given by [4]

(5.14)




where sinc (z) = sin (7z) /7z, B, is the roll-off factor to be determined, and Q7 is the time
span.

In summary, our approach based on (5.12)) will generate K samples {c,} which will
be converted to the continuous-time signal x.e(t) as in . However, the optimization
problem in is nonconvex and does not have a closed-form solution. Thus, we first

determine the scaling factor v in subsection m Then, we obtain the samples {¢;} that

solve (5.12)) in subsection [5.4.3|

5.4.2 Determining the Scaling Factor ~

The normalized energy of the precompensated signal () is always higher than that of the
desired output signal §(¢) due to the nonlinear relationship between the input and the output
of the frequency multiplier. Therefore, to keep the normalized energy of the precompensated
signal Zp,e(t) at Epomm, the desired signal 5(t) should be scaled properly as /75(t) such that
its precompensated signal has approximately a normalized energy E,,... Note that scaling
the precompensated signal (after it is obtained) distorts the transmit output constellation.
This fact is due to the nonlinear relationship between the input and output of the frequency
multiplier. We propose to ignore the contribution of the fifth-order power of the NLD and
scale the desired signal §(¢) such that its precompensated signal has a normalized energy
Enorm-

By ignoring the contribution of the fifth-order power of the NLD, the virtual sample
¢, is given by ¢ = (\/75(kT) /1213)1/ 3. The normalized energy FErommz,.. Of Zpre(t) can be

approximated as

K
1 2
Enorm,a;pre - T_B | Z CkQ(t — kTC)| dt

T8 =1
1 & 1
2 2
~ (= — t)|dt
(5 2l |ty
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where (1/T) fT t)dt = 1/(1—p./4) for the raised-cosine construction filter ¢(t) of if
Ts > T, [65], and Eqan = Y, |am|?/M is the average symbol energy of the QAM symbols.
From ([5.15]), we note that v should be set as
5 .
_ (1 - %) —Eiggli?f, (5.16)
to have Fuorm e & Fnom. Using v as in , we observe from our numerical results that

we always have Ehom e S Frnorm-

5.4.3 Nonlinearity Precompensation Algorithms

First, we propose a suboptimal gradient-descent based algorithm to get the virtual samples
{ck} that solve the nonconvex problem in (5.12)). Then, we modify the virtual samples {c}
to another virtual samples {uy} to reduce the large spectrum sidelobes of the output of the
frequency multiplier.

Let W}, be the sample-wise square-error objective function of . The complex gra-

dient V., Wy of W), with respect to ¢ is given by (see Appendix A)
< |2 4 T A 6 ~ |2 8
V., Wi :3‘/13‘ el ck+8i¥i{A§A5} el ck+5’A5‘ leal® e
—3A% (1) 8 — 4AL |en]? ()P 51 — Ascisr. (5.17)

The gradient-descent based algorithm is illustrated in Algorithm 1, where Peonp is the

number of iterations. As a good initial solution cgfo), we propose to obtain c,(f) as c,go) =

13
)Sk/Ag
the fifth-order power of the NLD. The step size s of the updating rule is obtained by back-

¢i(£(36/43))/3 which is the solution of (5.12)) when we ignore the contribution of

tracking line search [2I]. Since in each iteration the step size s is obtained such that the
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sample-wise objective function Wy, is decreased, it is guaranteed that Algorithm 1 converges

to a local minimum.

Algorithm 1 Step 1 of proposed sequence generation
Inputs: As, As, {an}, 9(t), Ty, Te, Foorm
Obtain v as in (}5.16)
for k=1to K

Obtain §; as: 5, = \/75(kTe)

= \/72%:1 amg (KT —mTy)
T R

Obtain c,(f) as: c;o) = §k/A3’ I (4(5/43)) /3

for p =1 to Peomp (or any other stopping criterion)
Calculate the gradient VI, using (5.17)

Updating rule:
§ = argmin Wk(clgp) - EVEI;)Wk)

P — ) _ gy,
end for
end for
Output: {c,(fc""‘pﬂ)}

Due to the third-order power relationship between the input and output of the frequency
multiplier, for each ¢, obtained by Algorithm 1, there are three virtual samples {ak,,}j;l
related to ¢ as

2w (1—2)

Upy = |k ej(@” 3 ), forl =1,2,3; Vk, (5.18)

which have the same square-error value of (5.12), i.e., Wi(ck) = Wi(ty,), for I = 1,2,3.
Therefore, we have 3% possible virtual sequences for {i,,;} with the same square-error value of
. To reduce the large spectrum sidelobes of the frequency multiplier output, we propose
to choose the virtual sequence having the smallest PSD spread (slowest time variation) since
the samples {5} are correlated due to the higher sampling rate R. than the symbol rate Ry of
5(t). However, the exhaustive search over 3% virtual sequences to find the optimal solution
is not practically affordable for large values of K. Hence, we propose a low-complexity

suboptimal algorithm to obtain the virtual sequence {u} as described in Algorithm 2. The
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main idea of Algorithm 2 is to find the virtual samples sequentially by minimizing the

Euclidean distance between each two successive virtual samples.

Algorithm 2 Step 2 of proposed virtual sequence generation

Input: {c;}
Uy = C
for k=2to K

Calculate the three samples {ii,};_, as in
Calculate the Euclidean distances between each of
(g}, and uy_y: {e, = |ty — wp1|” }
Find the @, with minimum Euclidean distance:

[ = argmin {¢;}

Obtain wuy as: u, = Uy, 7
end for
Output: {ug}

5.4.4 1/Q Imbalance Precompensation

Suppose that we have already obtained the virtual sequence {uy} using Algorithms 1 and 2.
From (5.4]), we can precompensate the I/Q imbalance effect by modifying the virtual samples
{ug} to {dp} as

* *
_ prug — vy,

. Vi, (5.19)

P =
which precompensates the effect of I/Q imbalance completely (i.e., udp+vd; = ui, Vk). Note
that the average sample energies of {c;} and {u;} are the same. Therefore, the normalized
energy constraint F,.., is still satisfied.

The proposed precompensation scheme can be summarized as in Fig. where {ay, +
jaqm} are QAM symbols with the symbol rate Rs. Algorithms 1 generates {ci, cqr} at
the rate of R.. Algorithms 2 generates {ur, uqr} at the rate of R.. Then {di,dq} are
generated at the rate of R.. Note that the construction filter ¢(t) in Fig. has a wider
bandwidth than that of g(¢) in Fig. . The proposed precompensation scheme requires the

knowledge of the NLD parameters (A; and As) and the I/Q imbalance parameters (e and
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Figure 5.3. Proposed precompensation scheme based on the frequency-multiplier-last trans-
mitter architecture for THz 1/Q transmission.
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Figure 5.4. Measurement setup for parameters estimation during THz device test-
ing/calibration phase.

¢). In the next section, we will describe the estimation method of these parameters. The
computational complexity of the proposed precompensation scheme is O (M L(Peomp + 3));

which is a linear function of the modulation block size M.
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5.5 Proposed System Parameters Estimation

It is essential to estimate the NLD parameters (A3 and Aj) and the I/Q imbalance param-
eters (e and ¢) to apply the proposed precompensation scheme in the previous section. For
practicality, in the estimation stage we consider the same proposed transmitter architec-
ture of section Note that Algorithm 1, Algorithm 2, I/Q imbalance compensation are

deactivated since the system parameters are still unknown.

5.5.1 Estimator Setup

We assume that the parameters estimation is performed during the THz device testing/
calibration phase. The measurement setup for (offline) parameters estimation is shown in
Fig. [5.4] where the lower branch (the feedback RF chain) is a separate measurement circuitry
for testing/calibrating the THz transmitters. This measurement circuitry can be built with
higher quality devices and hence we assume it does not introduce any type of distortions. For
simplicity, we just show functional blocks for the measurement circuitry without elaborating
details (e.g., the generation of THz frequency at the feedback RF chain, which can be done
as in [127]). Note that since the parameters of our system are static, deterministic estimation
methods can be applied [73]. For dynamic system identification, the reader is referred to
[33, 32, 31}, B0] for new-type parameter estimation methods.

Examining the nonlinear signal model of section II, we note that due to the nonlinearity
of the frequency multiplier, the I/Q) imbalance parameters cannot be estimated unless the
following two conditions are satisfied. First, the pilot symbols are inter-symbol-interference-
free (ISI-free). Second, the first half of the pilot sequence is real only while the second half

is imaginary only, or the first half of the pilot sequence is imaginary only while the second

N

n—1 18 the pilot sequence to

half is real only. To illustrate this, suppose {x,, = 21, + jrqn.}
be transmitted with rate R, = 1/}, to estimate the system parameters as shown in Fig.

5.4, Based on (5.10) and the transmitter architecture of Fig. |5.4] we illustrate these two
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N N
yo(t) = 9‘{{ (Ag(Z(uazn +vz))q(t — nTp))S—F/L:; ( Z(uasn +vx))g(t — nTp))3

n=1 n=1

N N
X ‘ (pxn + va),)q(t — nTy) >e]2”th} (5.20)

n=1
al 3 3 2
(@ 9{{ Z <A3 (pan + va},) ¢t — nTy)+As (pan + vay) ‘uzn +vak| ¢t — nTp)> ej27rth}

n=1
(5.21)
~ ~ 2 .
ER{ PO (Agxinq?’(t —nTy) (1 + 1/)3+A5a:inq5(t —nTy) (p+ V)S)M +v )eJQWth}
if TQ,n = 0, Vn
®)
. ~ 3 3 2\ .
9‘{{ —j Zivzl (Agx%’nq3(t —nTy) (n—v) "+ 4523, ,,¢° (t — nT},) (1 — v) ’,u —v )eﬂ"th},
if Tin = 0, vn
(5.22)

conditions in —, where @ is obtained assuming that the pilot symbols are ISI-
free, and then © is obtained assuming that the pilot symbols are either real or imaginary.
With satisfying these two conditions, we observe from that the pilot symbols and the
I/Q imbalance parameters are decoupled.

To accommodate the first condition, as shown in Fig. , the pilot symbols {z,,} are
generated every T, = QT,, where QT is the time span of the construction filter ¢(¢) to avoid
the inter-symbol-interference. Similarly, the output of the receive filter r(¢) of the feedback
RF chain is sampled every 7;,. To accommodate the second condition, we perform two
phases of measurements. Suppose X, = {Zp1,Zp2,-..,Tpn} be alength-N real-valued pilot
sequence (to be designed in details in the next section). In the first phase, the real-valued
pilot symbols are transmitted only on the inphase branch (i.e., 1, = Tpn, g, = 0, Vn).

In the second phase, the real-valued pilot symbols are transmitted only on the quadrature

branch (i.e., g, = Tpn, 1, = 0, Vn). Based on (5.22)) and the transmitter architecture in
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~ 3N
Fig. , the observation symbols {fn,l}rjjﬂ and {fng} (sampled every T}, at the output
n=1

of the receive filter r(t) of the feedback chain) of the first and second measurement phases

respectively can be written as

&, —eJ‘S( T3A3(,u+y) +:c r5f~15(u+y)3|u+y\2)+mm (5.23)

Eon=—je" (a3 r3ds(u—v)*+ad s As(u—v)*| u—v[*) +i,n, (5.24)

where 4 is the oscillator phase shift of the feedback RF chain, r3=(1/T},)(¢*(t) %7 (t))e=r,, 15 =
(1/T5)(¢°(t) *7(t))e=r,, and ny , and 72, are the zero-mean additive white complex Gaussian
noise (AWGN) with variance 0,27 of the first and second measurement phases respectively.

For convenience, we consider {&s,,} instead of {égm}, where &2, = j&2.,, Y which is given

by

Eon=0" (a3 r3As(u—v)*+a) s As(n—v)*|u—v[*) + 12, (5.25)

where 72, = j7a, is also zero-mean additive white complex Gaussian noise with variance

2
O'n.

From and , we notice that the phase shift 6 can be absorbed into the estimates
of the NLD coefficients A3 and As resulting in a fixed rotation in the receive constellation
which can be considered as a part of the channel to be compensated at the receiver. There-
fore, without loss of generality, we consider = 0 in the rest of the chapter. From and
(5-25)), we also notice that the observation symbols {&;,,} and {&,} are affected by 73 and

r5 which depend on the design of the receive filter r(¢). Note that r(¢) is normalized such

Tp/2

that (1/73) 27,

(t)dt = 1. We consider three choices for r(t). The first choice r(t) is a

/¢ (/zz (5.26)
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Figure 5.5. Values of r3 and 75 for different choices of r(t) versus the roll-off factor 5. with
a time span of () = 12.

The second choice r5(t) is given by

/\/ /ZZ (5.27)

which maximizes r3 (since it is the matched filter of ¢3(¢)). The third choice r3(t) is given

/\/ /TT//Z (5.28)

which maximizes 75 (since it is the matched filter of ¢°(t)). Fig. shows the values of r3

by

and rj5 for the three choices of r(t) versus the roll-off factor . with a time span of @ = 12.
We observe that the first choice 71 (t) yields the smallest values of r3 and r5, while there is
no significant difference between the second and third choices of r(t). Therefore, in the rest

of the chapter, we consider the second choice of r(t), i.e., r(t) = ro(t) as in (5.27)).

5.5.2 Estimation Algorithm

Using the observation symbols {{; ,} and {&;,,} of the two measurement phases, we propose a
maximum-likelihood (ML) estimator. The log-likelihood function (LLF) £({&1,}, {€2.0}; As

, As, €, ¢) of the observation symbols is given by [73]
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‘C({gl,n}7 {52,n}; A3,A5,€, ¢) = —2]\[1H7TO'727 — i

2
T

N
X <Z E1n — 20 s As(p 4+ v)° 4 2 s As (4 v)P |+ v
n=1

N
+ Z o — xi’)’nrgAg(,u — )+ Zlf;n’f’5145(,u — )| — 1/|2|2), (5.29)
n=1

where p and v are related to € and ¢ as in (5.5)) and (5.6). Therefore, the estimation of the
system parameters can be formulated as an ML estimator given by
[Afﬂ? A57 éa ds] = a:rg~min/j({§1,n}7 {§2m}; A37 A57 €, ¢)7 (530)
A3z,A5,6,9

where £({€1,}, {€n}; As, A5, €,¢) (or L for simplicity) is given by
~ N ~ ~
L= |6n—ad,rsAs(u+v)® + 2] s As(u + v) | + v[?)

n=1

N
+ Z |€om — xf),nrgAg(u — )P+ I;HT5A5(/L — vl —v*?. (5.31)
n=1

The optimization problem in ([5.30)) is nonconvex and cannot be solved directly. Using good
initial estimates for the I/(Q) imbalance parameters (will be obtained later), we propose an al-
ternating algorithm which estimates the NLD parameters and the I/Q imbalance parameters

alternately.

NLD Parameters Estimation

We fix the estimation of the I/Q imbalance parameters and estimate the NLD parame-

ters. Define ¢; = [51,1,51,2,---751,N]T7 Gy = [§2,17§2,2a"'7£2,N]T7 ¢ = [C1T7C2T]T’ Xp3 =

[xi,lvxg,27“"xg,N]T7 Xps = [xg,l’xg,Zv""x;N]Tv Xp1 = [rs(p 4 v)*xp3,r5(0 + v)°|p +

Vxp5), Xpa = [ra(p — v)*xp3,75(0 — v)? | — v|*x 5], and X, = [XT ), XT,]". Then, the

p,1’

optimization problem in ([5.30) can be written (while fixing € and ¢) in a matrix form as

[Ag,, 1215] = arg H~11Il ||C - XP[A?), A5]T||2, (532)
A3, As
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which is a linear estimation problem, and its solution is given by

(A3, As)T = (XIX,) X, (5.33)

I/Q Imbalance Parameters Estimation

Now, we fix the estimation of the NLD parameters and enhance the estimation of the 1/Q
imbalance parameters. However, the estimation of the I/Q imbalance parameters of
(while fixing A3 and Aj) is still a nonconvex optimization problem due to the nonlinearity of
the NLD. We propose a suboptimal gradient-descent based estimator for the I1/Q imbalance
parameters. Define e = [¢,¢|”, o, = u + v, and ay = p — v. Then, the gradient VoL of £
with respect to e is given by VoL = [85 /0e, 0L/ 0¢)T, where OL/de and L /D¢ are obtained

as (see Appendix B)

L
_ E ¢ —j¢
E =2 : Sﬁi{)\l,nej - )\Q’ne J }, (534)
A . .
9 =2 E R{njo] — Aanjast, (5.35)

where ); ,, is given by

o ~ |2 4 A% A 6 < |2 8
)\Ln—g Ag |Oél| ozl—|—89‘% A3A5 ‘Oél| Oél—|—5 A5 |OKZ‘ a;

—3[1; (oz;f)2 Gim — 4121; |az-|2 (a;‘)2 Gimn — 12150421@*’”, Vi, n. (5.36)

The gradient-descent based estimator of the I1/Q) imbalance parameters is illustrated in
Algorithm 3, where Piq is the number of iterations. The step size s of the updating rule is
obtained by back-tracking line search [21]. Since in each iteration the step size s is obtained
such that the objective function £ is decreased, it is guaranteed that Algorithm 3 converges

to a local minimum.
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Algorithm 3 ML Estimator of I/Q Imbalance Parameters

Inputs: Az, As, €, ¢, Py
for p =1 to Piq (or any other stopping criterion)

Calculate the gradient v L using ((5.34)— (5.36))
Updating rule:

5= argsmin E(Ag,A57€(p) _5%_{@)’ PP _5g_§(p)

)

$+D) — glo) _ goL®

end for
Output: Pt p(Pratl)

Initial Estimates of I/Q Imbalance Parameters

An important step in the proposed estimator is to get good initial estimates for the 1/Q
imbalance parameters. To do this, we define p; = As(p + )3, po = As(p — v)3, p3 =
As(pu+v)?|p + v|? and py = As(u — )3 — v|2. Then, we estimate p; from the observation
symbols {&; ,,} of the first measurement phase and estimate py from the observation symbols

{&.n} of the second measurement phase, as follows. Let us define

Xp = [TgXpyg, T'5Xp75]. (537)

Similar to (5.32)), we can write the ML estimators of p; and p, as

pr = argmin [|¢, — Xp[p1, ps]" [, (5.38)

P1
po = argmin ||¢, — Xy [pa, pa] "], (5.39)

p2

which are two independent linear estimation problems, and their solutions are given by

p1= [(Xff(p)_leﬁ](lw (5.40)
po = [(XIX,) ' XI¢H) ). (5.41)



Ignoring the noise effect, we can write (p1/p2)"/? (using the definitions of py, ps, u, and v)

as

(@)1/3 _pty
P2 w—=v
(14 €)(cos¢p — jsing)
(1 —¢€)(cos ¢+ jsing)
1+e€)

=1 (cos2¢ — jsin2¢) £ kg + jhr. (5.42)

—~

—~
~—

However, we have three roots for (p;/p2)'/?, and hence we need to pick the correct root.
Examining , we know that the correct root has two properties. For any e and |¢| < 45°
(|¢| is much smaller than 45° in practice), kg > 0 and kg > |k1|. Therefore, we pick the
root that satisfies kg > 0 and kg > |ki1|. Due to noise, if there are more than one root
satisfying these two properties, we pick any one of them. Using kg and ki, we obtain the

initial estimates of € and ¢ as

2\/ K} + K}
€ = —— 1’ 5.43
1+ \/Kj + ki (543)
6= —0.5tan"1(1L). (5.44)

KRR
The proposed ML estimator of the system parameters is summarized in Algorithm 4, where
Pur is the number of iterations. The computational complexity of the proposed ML esti-
mator is O (((24 + Piq)N + 24)(Pur + 1)), which is a linear function of the length NV of the
pilot sequence. Note that while fixing the I/Q imbalance parameters, the estimation of the
NLD parameters is a linear estimation problem, and the ML estimator of the NLD param-
eters is unbiased. While fixing the NLD parameters, the estimation of the 1/Q imbalance
parameters is a nonlinear estimation problem, and the ML estimator of the I/Q imbalance
parameters is biased. Therefore, the ML algorithm is, in general, a biased estimator. How-
ever, as the length of the pilot sequence increases, the bias converges to zero (asymptotically

unbiased) [73].
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Algorithm 4 ML Estimator of System Parameters

Inputs: {&1,}, {&n), Pu

Obtain p; and py using and

Obtain kg and kg as (p1/p2)'/3 = kg + jk1 while
choosing the root that satisfies kg > 0 and kg > |1
If there are more than one root satisfying these two

properties, choose any one of them.
Obtain é© and ¢© using (5.43) and (5.44)
—~(0 —(0
Obtain 1213( ! and 1215( ) using while fixing
e=¢é9 and ¢ = ngﬁ(O)
for p = 1 to Pyr (or any other stopping criterion)
Obtain é® and ¢® using Algorithm 3 with ¢

- - —(p-1)
and ¢®~1 as initial solutions while fixing A5 = As
- —(p-1)
and A5 = A5
—(p) —(p)
Obtain A3 and A5  using (5.33) while fixing € = éw)
and ¢ = ¢
end for
—~(Pmr) —(Pwmr) -
Output: A, , As , €PuL) - h(Par)

5.6 Cramér—Rao Lower Bounds for System Parameters Estimation and Pilot

Sequence Design

5.6.1 CRLBs for System Parameters Estimation

The Cramer-Rao lower bounds (CRLBs) provide limits on the estimate variances for a set of
deterministic parameters. In other words, if z is the unbiased estimate of x, then the mean
square error (MSE) of # is MSE(#) = E{|# — z|*} > CRLB(x). We examine the CRLB as
a benchmark metric to evaluate the performance of the proposed ML estimator. Define the

vector system parameter @ as 6 = [Ag, As. e, #]T which represents the system parameters

96



that we estimate. The Fisher information matrix (FIM) I(0) is given by

[ E{(2£)(2£)} E{(Z) ()} B{(Z£)(%) E{(Z) (%)}
AL \x x( 0L oL oL
1o | FGENGEY BRI GED BGH G BED G |
E{(%)(a,@} E{(%)(a,@} B(22F)  E{(25)(22))
| B2 B} EEE)) OB

where £ is the LLF in [73]. Then, CRLB(A3) = [I7'(8)](1.1), CRLB(45) = [171(0)](2.2),
CRLB(e) = [1(6)]i55), and CRLB(@) = [14(6)] 1 [73].

We provide I(0) in closed-form in the next proposition. Note that the upper triangle
entries of I(0) are sufficient to construct I(€) since I(0) is a Hermitian matrix. For simplicity,

similar to the previous section, we set o, =+ v and o = p — v.

Proposition 3. The upper triangle entries of the Fisher information matriz 1(0) of the
vector system parameter @ can be written in closed-form expressions as in ((5.65)—(5.74)

shown in Appendiz C.

Proof. Please refer to Appendix C. m

5.6.2 Proposed Pilot Sequence Design

We design the length-N real-valued pilot sequence xp, = {Zp1,Zp2,...,Tp N} to enhance
the performance of the proposed ML estimator of the previous subsection. As shown in
Algorithm 4, the first step in the proposed ML estimator is to estimate p; = /ng(u +v)? and
p2 = As(p — v)® to get initial estimates for the [/Q imbalance parameters. Therefore, we
propose to design the pilot sequence x,, to minimize the CRLBs of p; and ps.

Since the same pilot sequence X, is transmitted in the two measurement phases (on the
[ branch in the first phase and on the Q branch in the second phase), we have CRLB(p;) =

CRLB(p2). Define ¥ = [p1, p3]. To derive CRLB(p,), first we need to obtain the Fisher
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information matrix I(e) of ¥ which is given by

(5.46)

Similar to in Appendix C, we can obtain E{( ac) ( /fl)} E{(gp‘:) (g—é)}, and
E{(ap3) (ap3)} as

oL oL
E{<apf) (8p1 - 0_2T3prn7 (547)
B((PEy (%))~ Lay g (5.48)
ap;; ap§ 0_727 5n:1 p,n? .
S RIS I (5.49)
R A '

Therefore, we can write CRLB(p1) = [I71()]11) as

2 N 10
CRLB(p1> % Zn 1 xp n
73 (ot @8) (o #19,) — (s 75.,0)°
N
0-72] an 1 I;Onl

1 (5.50)

3 an 12”1 1( pmx;l)om _xgmxl%nz)
ni#ng

We note that it is only the pilot-energy allocation among the pilot symbols that has an effect
on CRLB(p;). We also note that the order of the pilot symbols does not affect CRLB(p;).
To estimate p;, we know that the rank of the observation matrix Xp in should be
two or more since we have two unknown parameters p; and p3. If we consider an equal-
energy allocation among the pilot symbols, the rows of Xp in becomes the same, and
hence Xp becomes a rank-one matrix. Therefore, the equal-energy pilot sequence design has
CRLB(p;) = oo, and hence it cannot be used to estimate p;. This fact can also be viewed
from ([5.50]), where the denominator becomes zeros (CRLB(p;) = oo) with the equal-energy

allocation among the pilot symbols.
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The normalized energy Epompilot Of the pilot signal e (t) = Zivzl Tpnq(t —nT,) is

given by

N
1 2 2
Enorm,pilot = N_,I,p / ;l’p,nq (t — nTp)dt

NT, "=

1 & 1
_ E 2 2
n=1 T,
N

1 2
- mz%" (5.51)

n=1

where (1/T%) pr ¢*(t)dt = 1/(1 — B./4) for the raised-cosine construction filter ¢(¢) of (5.14)
if T}, > T, [65]. Then, the pilot sequence which minimizes CRLB(p,) is designed as

N 10
anzl 'Tp,nl

min N N 6 10 3 8 !
{mp’n}Zm:l er“;nl (xp:nl xP:”Q o xp,mxpmz)
1 2

st. 22, < Emaxpilot, Y01 € {1,2,..., N}

p;n1 —

N
> Tony < Brotpiot, (5.52)

ni=1
where Eiot pilot 1S the total pilot-signal energy obtained from (5.51) as Eiot piot = NQ(1 —
Be/4) Enorm pitots and Eax pilot 1S a design value representing the allowable peak pilot-signal en-
ergy. By using the transformation y,, = ln(acfm / Etot pitot) Y1 and Ymax = Frax pilot / Etot pilot

the optimization problem in (5.52)) is equivalent to

N 5y
. an =1 € .
min

N N )
{ypyn}zmzl Z n=1 (€5yp,n1 +3Ypngy — 4Up,ny +4yp,n2)
n17#£n2

s.b. e < Py, Vg € {1,2,..., N},
N

D ewm <1 (5.53)

ni=1
We note that the numerator of the objective function of (5.53) is a convex function, while

the denominator is a nonconvecx function since it is a difference of two convex functions
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(DCFs). Therefore, the objective function of is nonconvex. We also note that the two
constraints of are convex. Therefore, the optimization problem in is nonconvex
due to the nonconvexity of the objective function.

To make the optimization problem in tractable, we propose to divide it into two

optimization problems P1 and P2 as follows:

P1: min

I

s.t. 0 <7 < Tax, (5.54)

N N

P2: h(7) = min Z Z (e¥¥pm1tAUpny _ BUpiny T3Yping )

{vpn} na=1 ni=1

n17#ng
N

s.t. E eV = .
ni=1

e’? ™ < Prax, V1 € {1,2,..., N},

N

Z eyp,nl S ]_7 (555)

ni=1
where 7., is obtained as

N

Tmax =mMax g edvpn
{yp,n} —
n=1

s.t. € < Ypax, Y0 € {1,2,..., N},

N

Z eYpin < 17

ni=1

= [9ma) Dinax T (1 = [ Dima] D)™ (5.56)

The idea is to fix the numerator of the objective function of (5.53)), and that leads to the
first constraint in (5.55). The proof of the solution equivalence of problems ([5.53) and
(5.54) can be easily obtained by following the argument in [77]. To solve P1, we propose
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to solve sequences of P2 with different values of 7 efficiently spanning the interval (0, Tax]-
Then, we pick {y,,} associated to 7 that minimizes —7/h (7). Finally, we obtain {z,,} as
Tpn = eWpntn Brovpito)/2 /- Therefore, in the following, we focus on solving P2. Then, we
summarize the whole proposed solution.

As discussed above, the objective function of P2 is DCF's which is nonconvex. We propose
a suboptimal successive convex approximation approach to solve P2. Approximating the

negative exponential functions of the objective function of P2 by their first order Taylor

expansions around {yl()?%}, we obtain a convex optimization problem P2 as

- ©) 5.0
P2: h(7) = min E E (64yp’”1+4y"*”2—653’?’”1*3%*”2

X (5Ypnr + Yoy — (5YC) 43yl ) + 1)),

N
s.t. E edvpm = 7

ni=1

eYrm1 S Ymax, an c {1,27 C ,N},
N

Z e < 1, (5.57)

ni=1
where {yéoq)l} is an initial solution. Using this initial solution, the convex optimization prob-
lem P2 can be solved using any convex optimization solver (e.g., CVX [50, 49]) to get the
optimum value {y,,}. Then, we set y;()(,)% = Yp.n, V1 and solve the optimization problem P2
again. The new solution is then used as an initial solution for another iteration, and so on.
Eventually, {y,,} will converge to a local solution of the original nonconvex problem P2
[21].

The proposed pilot sequence design is summarized in Algorithm 5, where dr is the step
size that we use to linearly search for the optimal 7 in the interval (0, Tyax|, and Ppiot

defines how many times we successively solve P2 to get the solution of P2. As an initial

solution, we generate uniformly-distributed random pilot-symbol energies (using a uniform
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random generator, e.g., “unifrnd” of MATLAB) while satisfying the allowable peak pilot-
symbol energy. We properly scale this initial solution to satisfy the total pilot-symbol energy
constraint and the first constraint of P2. Then, we solve sequences of P2 with different values
of 7. Then, we pick {y,,} associated to 7 that minimizes —7/h (7). Finally, we obtain the
pilot sequence {z,,} as z,, = eWpntIn Erorpio)/2 /- The computational complexity of the
proposed pilot sequence design is O ((2N + | Timax/dT ] Ppitot(N® + N?)) [21]. Note that the

proposed pilot sequence design is done once and offline.

Algorithm 5 Proposed Pilot Sequence Design
IHPUtS: Enorm,pilota Emax,pilota N, Q’ 507 dT, Ppilot
Etot,pilot =N Q(l - /Bc/ 4)Enorm,pilot
t)max = Emax pllOt/EtOt7p110t
Tmax = LUmaXJ ljmax (1 - |_Umax Umax)5
Yo = ln(unlfrnd (0, Dmax)), Vn
if SN eyP" > 1

ylg% = ln(eyp n/ Z _ eyﬁ(’%) Vn
end if
if YN et > dr

) . ) N 5y 0\1/5

Ypn 1= In(e¥orn /(30 eVpm) /), Vn
end if
for w =110 [Tiax/dT|

) = wdr

1
yh =y, vn

for p=1to Ppﬂot (or any other stopping criterion)
Obtain hy, = h ( w ) and {ypn} by solvmg P2 using

CVX solver with 7 = 7(*) and {yp,n}

0
ylg,) = Yp.ns n

end for

U = Yo V1
end for .
Wopt = arg min {—7) /h,}

( )
;L"p’ e( Opt +1n Eyoy ,pilot /2 v”

Output: {z,,}
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5.7 Simulation Results

In this section, we evaluate the performance of our proposed system parameters estimation
and precompensation for low-cost nonlinear Tera-Hertz transmitters in the presence of 1/Q
imbalance. With the proposed pilot sequence design and using the proposed ML system
parameters estimator, we compare the estimate variances of the system parameters with
the derived CRLBs. Then, we evaluate the performance of the proposed precompensation
algorithms.

We consider a desired transmitted signal 5(t) constructed from a block of M = 128
16-QAM modulation symbols convolved with a desired pulse-shaping filter g(¢). Unless
mentioned otherwise, we consider g(¢) as an RRC pulse-shaping filter with time span of 127}
and roll-off factor 3, = 0.332. We generate our numerical results based on 10* 16-QAM
blocks. The NLD parameters are A3 = 1.26 — 0.0815 and A5 = —0.96 + 0.297, and the 1/Q
imbalance parameters are ¢ = 20% and ¢ = 10°. The PSD of the AWGN at the feedback
RF chain is —174 dBm/Hz. The symbol data rate Ry is 20 x 10° symbols/s. The proposed
compensation scheme utilizes an RC construction filter ¢(t) as in with time span of
127, and roll-off factor 8, = 0.332. We set Peomp = Piq = Ppilot = 5. Unless mentioned

otherwise, the upsampling factor L is 2.

5.7.1 System Parameters Estimation

We consider a pilot sequence with length N = 100 and peak pilot-symbol energy Eax pilot
of 6 dB above the normalized pilot-signal energy Eyorm pilot- Fig. shows CRLB(p;) at
various normalized pilot-signal energies Ejorm pilot With two pilot sequence designs as follows:
1) Random-energy pilot sequence design, where the pilot-symbol energies are generated
randomly while satisfying the allowable peak pilot-symbol energy and the total pilot-symbol
energy constraints. 2) Proposed pilot sequence design, where the pilot-symbol energies are

optimized as in Algorithm 5. We observe that CRLB(p;) with the proposed pilot sequence
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Figure 5.6. CRLB(p;) at various normalized pilot-signal energies Eyorm pilot With two pilot
sequence designs.

design is about 40 dB smaller than that with the random-energy pilot sequence design, which
verifies the effectiveness of the proposed pilot sequence design. This result is expected since
the proposed pilot sequence is designed to minimize CRLB(p;), while the random-energy
pilot sequence is not.

Fig. compares the MSEs of the proposed ML estimator with the derived CRLBs of
the system parameters at various normalized pilot-signal energies Eomm pilot- From Fig. ,
we observe that the initial estimates of the I/Q imbalance parameters yield MSEs of 10 dB
above the CRLBs, while the initial estimates of the NLD parameters yield MSEs very close
to the CRLBs. Using the proposed ML estimator (with 5 iterations), we observe that all the
MSESs of the estimates of the system parameters are very close to the CRLBs, which verifies

the excellent performance of the proposed ML system parameters estimator.

5.7.2 Effects of the Pulse-shaping Filter and I/Q Imbalance without Precom-

pensation

For illustration, we consider two types of pulse-shaping filters for ¢g(¢): 1) Rectangular pulse-

shaping filter with time span of Ty and 2) RRC pulse-shaping filter with time span of 127 and

104



© MSE(43) (initial estimate)
o MSE(4;) (5 iterations)
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= —— CRLB(4;)

o MSE(e) (initial estimate)
3 MSE(e) (5 iterations)

@ CRLB(e)

=]

> MSE(¢) (initial estimate)
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Eporm,pilot (dBm)

Figure 5.7. MSEs of the proposed estimator and CRLBs for the system parameters estima-
tion at various normalized pilot-signal energies Epomm pilot-

roll-off factor 5 = 0.332. For the existing scheme in [69, [68] (i.e., without precompensation)
with E,orm = 20 dBm, Fig. [5.8/shows the PSD of the signals before and after the NLD and the
transmitter output constellation. In the absence of I/Q imbalance, unlike QPSK modulation
with rectangular pulse-shaping which just experiences predefined permutation due to the
third-order power of the NLD and slight distortion due to the fifth-order power of the NLD
as shown in Fig. 16-QAM modulation with rectangular pulse-shaping experiences serious
distortions in the transmitter output constellation. Comparing the results between the two
pulse-shaping filters in the absence of 1/Q) imbalance, one can observe that a larger filter
span yields a lower spectrum sidelobe but a severe degradation of the transmitter output
constellation due to nonlinear distortion. In the presence of 1/Q imbalance, we observe
that the I/Q imbalance adds additional distortions to the 16-QAM constellation for both

pulse-shaping filters.

5.7.3 Effects of the Proposed Precompensation Schemes

Without Algorithm 2, we name the proposed precompensation scheme of section [5.4] as
“proposed basic precompensation scheme”, while with Algorithm 2 we name it as “proposed

improved precompensation scheme”. Based on the estimates of the system parameters with
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Figure 5.8. Combined effects of the baseband pulse-shaping filter and the NLD on 16-QAM
without precompensation (the existing scheme in [69] [68]) in the absence/presence of 1/Q

imbalance.
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Figure 5.9. Combined effects of the baseband pulse-shaping filter and the NLD on 16-
QAM with the proposed precompensation schemes with the upsampling factor L = 2 in the
presence of I/Q imbalance.

Erorm = 20 dBm, Fig. |5.9| shows the performances of the proposed basic precompensation
scheme and the proposed improved precompensation scheme with the upsampling factor
L = 2. Fig. [5.10] extends the results of Fig. to the case of the upsampling factor L = 4.
Comparing the signal constellation results of the larger filter span between the existing
scheme in Fig. [5.§ and the proposed schemes in Fig. 5.9 and Fig. [5.10] we can clearly
see performance advantages of the proposed precompensation schemes in suppressing the
nonlinear distortions and the 1/Q imbalance distortion. Compared to the proposed basic
precompensation scheme, we observe that the proposed improved precompensation scheme
has better PSDs (lower sidelobe levels and no spikes) before and after the NLD and less con-
stellation distortion. This performance improvement comes from the fact that the proposed
improved precompensation scheme (with Algorithm 2) modifies the virtual samples to have

slower time variations, which results in a more-spectrally-constrained construction of x (%)
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Figure 5.10. Combined effects of the baseband pulse-shaping filter and the NLD on 16-
QAM with the proposed precompensation schemes with the upsampling factor L = 4 in the
presence of 1/(Q) imbalance.

from the virtual samples. The proposed precompensation schemes with L = 4 yield better
PSDs and less distortions than those with L = 2 due to its higher sampling rate LR, which
results in smaller aliasing issue and better construction for x..(t) from the virtual samples.

The cost for a larger L is the increased computational complexity in the precompensation

stage.

5.7.4 Effects of the Roll-off Factor of the RC Construction Filter

With the proposed improved precompensation scheme with E, o, = 20 dBm, Fig.|5.11|shows
the normalized error vector magnitude (NEVM) of transmitter output constellationﬂ (left y-

axis) and normalized (with respect to the main lobe peak) maximum sidelobe level (NMSL)

SNEVM is defined as NEVM = \/ 2%21 |am — aml|*/ er\r/szl |am |, Where @, is the measured modulation
symbol [40].
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Figure 5.11. NEVM and NMSL versus roll-off factor . of the RC construction filter ¢(t).

of transmitter output (right y-axis) versus the roll-off factor . of the RC construction
filter ¢(t) with different values of the upsampling factor L. We observe that the minimum
NEVM is not obtained along with the minimum NMSL. In other words, we have a trade off
between NEVM and NMSL. Therefore, appropriate values for the roll-off factor . of the
construction filter ¢(¢) and the upsampling factor L have to be determined according to the
system requirements. For example, if the system requires the sidelobe level to be at most
—20 dB, we can select L = 2 for lower complexity and . = 0.32 which yields an NEVM of
about 2.5%. If the system needs to limit its sidelobe level to be below —35 dB, then we can

select L = 4 and (. = 0.7 which yields an NEVM of about 0.19%.

5.7.5 Effects of Frequency-Dependent I/Q Imbalance and Frequency-Selective
NLDs

The frequency-dependent I1/Q imbalance is modeled by a frequency-independent 1/Q imbal-
ance followed by imbalance filters ¢i(¢) and ¢g(¢) for the I and Q branches respectively [89].
Using the Wiener model [46], the frequency selectivity of the NLDs (the power amplifier
and the frequency multiplier) can be modeled by a filter o(¢) followed by the memoryless
polynomial model in (7). Therefore, ¢(¢) and o(t) can be combined as §(t) = () * o(t),

and ¢q(t) and o(t) can be combined as g (t) = q(t) * o(t).
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Figure 5.12. Combined effects of the baseband pulse-shaping filter and the NLD on 16-QAM
with the proposed improved precompensation scheme with the upsampling factor L = 4 in
the presence of frequency-dependent 1/Q) imbalance.

With E,om = 20 dBm, Fig. [5.12 shows the performances of the proposed improved
precompensation scheme with the upsampling factor L = 4 in the presence of frequency-
dependent I/Q imbalance and frequency-selective NLDs, where & (t) = 0.0156(¢t) +d(t — 1) +
0.026(t —275)+0.016(t — 31%) and So(t) = 0.010(¢) +(t —T5) +0.036(t — 275) 4+ 0.025 (¢t — 315).
From Fig. |5.10[ and Fig. m, we observe that the frequency-dependent 1/Q imbalance and
frequency-selective NLDs add additional distortions to the signal constellation. This distor-
tion comes from the ISI introduced by the filters of the 1/Q imbalance and the NLDs. The
NEVM of the signal constellation with frequency-dependent 1/Q imbalance and frequency-
selective NLDs is 8.74% which still meets the requirements of the 3rd generation partnership
project (3GPP) standard (< 12.5%) [37]. Therefore, the proposed precompensation and

estimation schemes are still applicable.

5.8 Conclusion

Low cost and energy efficiency are crucial factors for broader deployment of THz applica-
tions. The recently proposed frequency-multiplier-last THz transmitter architecture is the
most promising one in this regard, but it suffers from nonlinear distortions and is incapable
of supporting QAM transmission. In this chapter, we developed solutions to overcome limi-
tations/drawbacks of this architecture. By incorporating nonlinearity aspects of the low-cost

THz devices and the 1/Q imbalance into the signal model, our study shows that when the
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pulse-shaping filter spans more than one symbol, the existing result that QPSK modula-
tion does not experience distortions except a fixed permutation of the constellation points
no longer holds. For out-of-band spectrum control, the pulse-shaping filter span of several
symbol intervals is needed and in this case both QPSK and QAM suffer severe nonlinear
distortions.

We developed a precompensation scheme which can suppress nonlinear distortions, miti-
gate the 1/Q imbalance effect, and enable QAM transmission capability. The proposed pre-
compensation scheme offers very attractive output power spectral density control and non-
linear distortion suppression. Using a separate measurement circuitry for testing/calibrating
the THz transmitters, we proposed a maximum-likelihood (ML) estimator to estimate the
NLD parameters and the I/Q imbalance parameters. We derived closed-form expressions for
the Cramér-Rao lower bounds (CRLBs) of the system parameters estimates as benchmark
metrics to evaluate the performance of the proposed ML estimator. We designed the pilot
sequence used in testing/calibrating the THz transmitters to enhance the performance of the
proposed ML estimator. We also presented how to trade off between complexity and perfor-
mance of the proposed scheme by means of the upsampling factor and the construction filter
roll-off factor. The effects of frequency-dependent 1/Q imbalance and frequency-selective
NLDs are investigated, and the results show that the proposed scheme can keep the total

distortion within the 3GPP requirement.

Appendix A - Steps to Obtain (5.17))

For a real-valued objective function f (z) of a complex variable z, it is shown in [73] that
the complex gradient V, (f) is given by V. (f) = (0f/0OR{z} + 0f/0T{z})/2 = Of /Ox*.
Therefore, we write the sample-wise square-error objective function Wy as a function of ¢

and ¢, as

2
(ci)” ¢

W, = ([13‘2 () + 2m {A;A5} () et + ]A5
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— A5 () 8, — AL () endp — Ascicist — Ascsh + |5kl (5.58)

Then, we obtain V., W), by taking the partial derivative OW},/Ocj, of W), with respect to ¢},

while treating ¢, as a constant, which straightly yields ((5.17)).

Appendix B - Steps to Obtain (|5.34)—([5.36))

Using the chain rule via the intermediate complex variables o and as, we have
L 0L da; N OL Doy N L da, N L Doy
de  Oa; D¢  Oay Oc  Oay D  Oay Oe

8£ 8&1 L da

=2 .
9%{ e a% 2} (5.59)
Similarly, we have
oL oL (9041 L da,
o9 m{aa; ¢ a% O b (5.60)

Next, we obtain 0L/ da; as oL /Oa; = ZnNzl Ain, and by applying the same procedure as in
Appendix A, we obtain );,, as in (5.36). Finally, we simply obtain da; /d¢ = cos ¢+ j sin ¢ =
e1?, Doy /0e = —cosp + jsing = —e 9% Ja;/0¢ = j(1 + €)(cosp + jsing) = jal, and
Doy /0¢p = —j(1 — €)(cos ¢ — jsing) = —jas. By arranging these results, we can obtain

0L/ and IL/9¢ as in (5.34) — (5.36).

Appendix C - Proof of Proposition 2

Here, we provide a sketch for the proof since the full proof is based on lengthy algebraic ma-
nipulations. First, with the help of Appendices A and B, we obtain 0L/0A%, OL/OA%, L /e,
and 0L/0¢. Then, we use the definitions of &; ,, and &, in and to simplify these
derivatives as in —. Then, the upper triangle entries of the Fisher information

matrix I(@) can be obtained as in (5.65) — (5.74)) by using the facts that E{n; .7}, } = o7 Vi, n,

E{ni,nn;‘im} =0Vi,n 7é m, E{nimn;,m} = 0Vn,m,i 7& J, and E{(ni,n)z} = E{(Uf,n)2} =0Vi,n.
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0L 3=, .3 s
T 72 (al) xpynnlan + (a2) xp,nnln ) (561)

N
oL r . i
== Z {(0‘1)3|a12x;n”1,n + (02)3|a2|2x2,nn2,n}, (5.62)

N

a’c 1 A * * A * * 1 * 1
E - 0_727 Z {29%{(37“3143(@1)25”2,71771711 + 4T5A5(a1)3041$g,71771,n + T5A5(0‘1)4$g,n771,n)€j¢}
n=1

— 2R{(3r3A5(03)°a] noin + Ars AL (03) 0 0o + T5A5(042)4Ig,n77§,n)6j¢}}7 (5.63)

N
1 * e * e * L%
% = 0_73, {2%{ 37"3A al) p,nnLn + 4T5A5(051)3051$153,n’l717n + T5A5(a1)4‘r153,n771,n)(]a1)}
n=1

= 2R%{(3r3 A3(03)a} i + 475 A5 (3) e o + 7“51‘15(@2)49637”773,71)(,7@3)}}- (5.64)

OL 1. 0L

E{(~—= -
{(6A§ 0A;

N
1
)} = —ri(le. [ + lasl%) E wg,n (5.65)
n

N
oL oL 1
E{(—)" (=)= —=r 104 10y 5.66
{(8A§)(8A§)} 0% (o [' + |ag| n; (5.66)

oL ., or 1
E{(-=)"(z5:)} = = rars(oy* + |aal®)

(5.67)
0A%" 0Af o5

HMZ

N
oL 1 - . .
E{(E)Q} =5y {29%{(6r37~5A§A5a§a1 428+ 8r2| 45203y |52l el

a,
M n=1

+ 29%{(6r3r514~1§/~15a§|a2 4x§’n + 8r§\/~l5|2a%|a2 6 10 )e ]2¢}
+ 183 As* (|l |* + |aa|)al ,, + 3472 | A5 (Jon |* + [z [%) ),

+ 2%{247”37‘51431&5(‘0&”6 + |012|6).’I}§)n}} (568)

N

8[: 1 Tx 7 A *
E{(a—(b)z} =~ Z { — 2R{(6r3rs A5 As? |y 43:?,’“ + 8r2| As)%a? |y |® éon)(a1)2}
n

n=1

- 29%{(67“37"5143215@%\042 4xi,n + 8r§|f~15|2a lao|®x 6410 )(a§)2}

pn

+ (18T§|/~13‘2|OL1 +34T5|A5| |O[1|8 10 —|—2§R{24r3r5A A5|O{1|6 n})|0[1|2

pn
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+ (18r3| As|?|aa|*aS ,, + 34r2| A5 * |z |20, + 29{{24T3T5A§A5|a2|6x§’n})|a2|2} (5.69)

oL, oL 1

E{(a)(%) Z {29%{ (6rars Az Asad|on|'a} , + 8r3|AsPaf|an [}, )e?? (jai)}
1

)
S
+ 29%{(6r3r5f~1§f15a§|a2|433gm + 87‘%|f~15|2a§|a2\6xé?n)e_j¢(ja§)}

- 9%{(18r§|f13\2\a1|4xgm + 34r§|/~15|2|a1|8x11),0n + 29%{247‘37“5[1;[15@1|6x§’n})ej¢(ja1)}

— 9%{(18r§|/~13\2\a2 41}?)7,,1 + 347‘§|A5|2|OZ2 8 10 + 2%{247’37’5A A5|Ol2|6 8 })€j¢(_]0[2)}}

(5.70)
oL 1 &
E{(aA*) 2T 2 { 37’3 3a1|a1| x +47’37’5A;(11|C)11|6II8)7")6J¢ +T3T5A;af|oz1\66ﬂ¢
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CHAPTER 6
A NEW PARADIGM FOR SPECTRUM SHARING BETWEEN CELLULAR

WIRELESS COMMUNICATIONS AND RADIO ASTRONOMY SYSTEMS [
6.1 Introduction

Radio astronomy systems (RASs) are allocated with some dedicated primary bands and some
secondary bands, but their spectral requirements continue to increase and some observations
in the bands allocated to the active wireless services are essential for RAS [91) 44]. In the
past, sporadic spectrum use of active services allows RAS to observe in the active service
bands during the unused time intervals. But such opportunities are diminishing quickly as
new wireless systems with dynamic spectrum access proliferate. Furthermore, RFI detection
(important task for RAS [60] 86l 51], 95 24] 35, 20, B9]) will become more challenging as
commonly used non-Gaussianity test would become invalid for such emerging scenarios.
These imply smaller spectrum access opportunities and corrupted or less reliable scientific
observations for RAS, thus hindering several benefits and scientific advancements that RAS
can offer.

To protect from RFI, RAS receivers are typically set up at remote locations and a radio
quiet zone centered around each RAS receiver (additionally surrounded by a radio coordina-
tion zone) is imposed by regulation. In view of population growths, ever-expanding active
wireless services, and increased interests in RAS observations and in developing new RAS
sites, the existing geographical isolation approach of RAS receivers in remote locations to-
gether with radio protection zones [90] I31] would not be able to answer the future needs
of the society. New spectrum sharing strategies are in great need, which we address in this

chapter.

1© 2017 IEEE. Reprinted, with permission, from Yahia R. Ramadan, Hlaing Minn and Yucheng Dai,
“A New Paradigm for Spectrum Sharing Between Cellular Wireless Communications and Radio Astronomy
Systems,” in IEEE Transactions on Communications, vol. 65, no. 9, pp. 3985-3999, Sept. 2017.

116



Our contributions are summarized below. We develop a new paradigm of spectrum
sharing between CWC and RAS based on creating a shared spectrum access zone (SSAZ) and
three-phase spectrum access which enables geographical and spectral coexistence between
CWC and RAS. Solutions for different cases of single and multiple RAS receivers as well
as single and multiple shared bands are presented. We also develop advanced resource
allocation strategies by exploiting CWC'’s traffic statistics. Furthermore, built-in fine tuning
feature is also described to address design mismatches and service evolutions of CWC and
RAS. Simulation study illustrates that the proposed paradigm offers i) certain guaranteed
spectrum access to RAS which is impossible in the existing paradigm, ii) capability to handle
higher peak and mean traffics to CWC under spectrum restructuring of both CWC and RAS
bands, and iii) overall improved spectrum utilization.

The rest of the chapter is organized as follows. Section discusses the perspectives
of the proposed work with respective to the existing approaches. Section [6.3| introduces
key approaches of the proposed paradigm, while their detailed designs are described in
Sections [6.4] and [6.5] Section [6.6] presents performance evaluation results, and Section

concludes the chapter.

6.2 Related Works

There exist several works on spectrum sharing for cognitive radio (CR) or dynamic spectrum
access (DSA), e.g., [3, 150, R4, [45], 1477, 53, 104, 26], 1211, 140, 4T]. Although the spectrum shar-
ing theme is common, system characteristics, requirements, and specific technical solutions
are different between the considered spectrum sharing paradigm and the existing CR/DSA.
Here we briefly describe those differences which distinguish the proposed approach from the
existing ones.

First of all, the systems involved in CR/DSA are active systems while the proposed

approach is between active and passive systems. With active systems, one can sense the
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signal strength of the other and can make necessary adjustment which is not the case when
passive systems are involved. Second, RAS single-dish (interferometric arrays) receivers
could be 50-60 dB (10-20 dB) more sensitive than receivers in active systems [39, [56]. This
means negligible interference for active systems could cause disruptive interference for passive
systems. For example, [I7, [I§] reported that underlay spectrum sharing between CWC and
RAS is not applicable. The spectrum sensing methods considered in CR/DAS [3] [150), [84], [45],
147] are based on the characteristics of the active systems and they do not have sufficiently
high sensitivity to detect very low level interferences which are still detrimental to RAS.

Third, the scales of signal receiving time interval (frame length for CR/DSA and mea-
surement duration for RAS) are quite different. For CR/DSA, the time scale is on the order
of millisecond to seconds. But for RAS, a measurement could require several hours to a
few months. The time windows to watch out for interference are quite different between
CR/DSA and RAS. Erroneous signal detection could be easily overcome in CR/DSA by
error control techniques within a short time interval but it could be a significant loss of time
and resources and potentially a complete loss of scientific information for some time-critical
observations for RAS.

Fourth, opportunistic spectrum access as used in CR/DSA is not suitable for the con-
sidered scenario. Imposing RAS to apply secondary opportunistic spectrum access will not
work well due to several reasons- i) unreliable RFI detection of RAS and hence unreliable
scientific data, ii) no guarantee of required spectrum access time for RAS thus ruling out
some time-critical observations or time-scheduled measurements, iii) unfair spectrum allo-
cation between two different types of systems. On the other hand, CWC cannot play the
part of secondary opportunistic users as in CR/DSA since CWC cannot sense when RAS is
performing its measurement. Furthermore, due to different time scales, latency requirement
of CWC would not be satisfied. The above points clearly illustrate that the technical solu-
tions developed for CR/DSA would not be directly applicable for the considered spectrum

sharing scenario.
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As for spectrum sharing between active and passive systems, [139, [123] considered spec-
trum sharing between CWC and fixed satellite service earth station (FSS-ES). CWC can
work only outside a protection region. The idea is similar to the radio quiet zone. In [63], a
transmit-nulling space division multiple access spectrum sharing is considered to effectively
reduce the protection region size. Since the interference threshold of FSS-ES is quite larger
than that of RAS, the protection region is quite smaller for FSS-ES. Furthermore, these
works assume no spectrum sharing inside the protection region. In [13], an interweave spec-
trum sharing approach is developed to protect RAS from satellite interferences. It considers

a radio quite zone around RAS and lacks in sharing the spectrum with CWC.

6.3 Proposed Shared Spectrum Access

The proposed shared spectrum access is based on the new paradigm of geographical coex-
istence between CWC and RAS systems with some form of guaranteed RFI-free spectrum
access for RAS systems. We propose the following novel approaches to enable such coexis-
tence paradigm. Their detailed design aspects will be described in the next section.

1. Three-Phase Time Division Spectrum Access: We develop a shared spectrum access
strategy based on the time division approach with three phases. Across time, each frame
contains three phases, namely, CWC only phase, CWC+RAS phase, and RAS only phase.
The three phases are repeated but the durations of the three phases can be time-dependent
and different from repetition to repetition. They are predefined well in advance and known
to both CWC and RAS.

During the CWC only phase, CWC transmits but RAS does not collect its data as it
is heavily corrupted by RFI from CWC. During the CWC+RAS phase, each CWC base
station (BS) or its users can transmit during a phase-2 transmit interval (P2TI) which is
BS-dependent and predefined. Fine tuning of the shared spectrum access can also be done

during this phase. During the RAS only phase, there is no CWC transmission within the
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SSAZ, thus RAS is free from CWC-induced RFI. RAS conducts reliable data collection
during this phase.

2. Three-Phase Time-Frequency Division Spectrum Access: When multiple bands are
shared, we devise a spectrum access strategy which follows the same three phase principle
in each band but positions the frames of different bands in a way to minimize the physical
layer latency of CWC. The design would also depend on the frequency spacing of the shared
bands and the CWC’s out-of-band spectrum characteristics.

3. Adaptive Shared Spectrum Access: As CWC traffic loads vary across time, we also
propose to enhance the above three phase spectrum access strategies by using different
modes of resource allocation between CWC and RAS at different hours of each day. Such
adaptation modes and schedules are predefined well in advance based on the average traffic
statistics across time and/or the planned off-times of RAS. They can be adjusted over a
larger time scale in response to service evolution of CWC and RAS under fair resource
sharing between CWC and RAS.

4. Built-in Fine Tuning for the Shared Spectrum Access: We propose that each RAS site
has additional processing units to perform fine tuning for the shared spectrum access. During
the CWC+RAS phase, RAS receiver does not collect scientific data and RAS can do RFI
measurement, fine timing synchronization with CWC BSs, and fine tuning of SSAZ. This
provides a built-in fine tuning mechanism for addressing design mismatches of the shared
spectrum access or for accommodating service evolutions of CWC and RAS. Details will be

discussed in Section [6.5]

6.4 Design Steps

6.4.1 Shared Spectrum Access Zone (SSAZ)

SSAZ with 1 RAS receiver: An important step in developing the proposed shared spec-

trum access is to define a SSAZ within which CWC and RAS follow the three phase spectrum
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access while CWC systems outside SSAZ can access their spectrum freely but their transmis-
sions do not cause harmful RFI to RAS. For this, we adopt the interference power threshold
as defined in ITU-R RA.769-2 as the maximum RFI level the RAS receiver can tolerate and
denote it by I;,. We consider downlink of CWC with full load to determine the RFT level
at RAS. This corresponds to a worst case RFI scenario (safer design for RFI protection) for

RAS. We consider a path loss model L(d, f.) at distance r and CWC carrier frequency f. as

L(r, fo) = o f2r"1077/10, (6.1)

A

where o = (m

)2, n is the path loss exponen, and f is the atmospheric absorption loss in
dB scale at f.. Suppose the SSAZ is with radius Rssaz meters centered at the RAS receiver.

We consider two models for the distribution of CWC cells surrounding the RAS receiver.

Hexagon CWC Cells

We consider a deterministic model, where hexagon CWC cells, each with radius Rcwce meters,

surround the RAS receiver as shown in Fig. [6.1] The ith tier cell ring has K; hexagon cells

with the same distance r; = \/§\/a2 +alb+1)+0*+ %Rcwc between BSs of the ith tier
and RAS receiver (this result is obtained after applying translation of axis to the result
obtained in [47, Eq. 15.2]), where K; is the number of all possible ways to get the same
distance r; by choosing any integer values for @ and b. Then, the SSAZ design based on S
outer tiers can be given by the radius Rgsaz of the SSAZ as

i0+S
RSSAZ = n%in Tio> s.t. PBSGCWCGRAS Z KzL(TZ) < Ith7 (62)

i=ip+1

2We consider a simple distance-dependent path loss exponent defined as n = 2 if d < dpog and n =
nnros if d > dpos, where n = 2 and n = nnrog are the line-of-sight (LOS) and non-line-of-sight (NLOS)
path loss exponents respectively. For a safer design, we use the horizon distance dyorizon in km as our di,os.
We obtain dhorizon @8 dHorizon < 3-57(v/hras + vVhcwe), where hras and howe are the heights of the RAS
receiver and CWC base station in meters respectively.
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@ of RAS
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defining the SSAC (S = 2)

Normal cells (full
spectrum access)

Figure 6.1. Tiers of CWC cell rings around an RAS receiver
where Pgg is the transmit power of CWC BSs, Gowc is the transmit antenna gain of CWC
BSs, and Ggrag is the antenna gain of RAS receiver for CWC interferences. Note that due
to terrain constraints, associated path-loss and antenna down-tilting, using a finite S is
justified. Fig. [6.1] illustrates the tiers of CWC hexagon cell rings around an RAS receiver,
as well as the outer tiers (S = 2 for presentation convenience; those in the blue color) used
in defining the SSAZ. In this illustration, the SSAZ is composed of 3 tiers (for presentation
convenience) of CWC cells in the red color and these cells will follow the shared spectrum
access approach. The CWC cells outside the SSAZ, i.e., those in the blue and white color,

have full spectrum access and do not follow the shared spectrum access approach.

Poisson Point Process (PPP) Model

We also consider a stochastic geometry model, where CWC cells are distrusted as a homoge-
neous Poisson point process (PPP) with intensity pps. Then, the SSAZ design based on the

mean interference and outer distance R, can be given by the radius Rggaz of the SSAZ as

Rout
RSSAZ = min 7o, s.t. QWPBSPBSGCWCGRAS/ TL(T‘) dr < ]th- (63)
To

o

Let 3 = '81+010. Using the path loss model in (6.1]), we have

/Rout rL(r) dr = o f23"2 (F(Q —n, fre) = T(2—n, BNRout)> (6.4)

70
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where I' (m, ) f 2™ L exp (—x) dx is the incomplete gamma function. Therefore, Rssaz
can be obtained by solving the non-linear equation I'(2 — n, BRSSAZ) =T'(2 — n, BRout) +
Iin/ (27 Paspps GoweGraso f23772). Tt is worth mentioning that by setting Row = 7iy1s
and pps = (3\/§R%WC / 2)_1, Rgsaz obtained assuming the PPP model is approximately the
same as Rgsaz obtained assuming hexagon CWC cells.

SSAZ with M RAS receivers: When there are M RAS receivers at different locations
within a region of a potential SSAZ, the above design can be modified as follows. First,
for each RAS receiver, we apply the above design as if there were only one RAS receiver.
For RAS receiver m, we obtain the zone S/S_\A/Zm within which there are Kj' BSs with the
corresponding BS-to-RAS distances of {d;,,}. Then, the final SSAZ(s) is (are) given by
the union of all M zones as {SSAZ,} = U%ﬂmm. An illustration of a scenario with 3
RAS receivers is shown in Fig. where S/S\Ail and S/S\AEQ are combined into SSAZ; while
S/S\Aig stands as SSAZ,. In other words, there are two RAS receivers with different locations
within SSAZ; and one RAS receiver within SSAZ,. Note that there are three groups of cells
denoted by different colors within SSAZ; due to how their P2TIs are computed (described

in the next section).

6.4.2 Location-Dependent Three-Phase Frame Structure

After determining the SSAZ, the next step is to design the frame structure for the shared
spectrum access. Let Towce k, Towos+ras and Tras, denote the durations of the three phases
in each frame at hour £k, and Tt = Towe x+71cwetrras+Tras k denotes the frame duration. We
address Tewcesras first. This phase absorbs propagation delays of different CWC BSs/users
within the SSAZ so that those CWC signals do not arrive at the RAS receiver during the RAS
only phase. The maximum propagation delay difference of CWC BSs/users is R/(3 x 10%)
(propagation time from the edge of SSAZ to the RAS receiver). This imposes a lower limit

on Towciras and we can set Towcsras > £R/(3 x 10%) where we use £ > 1, e.g., k = 2,
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Cells that follow
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spectrum access)

Figure 6.2. A scenario with 3 RAS sites which results in a SSAZ with 2 RAS receivers and
another SSAZ with one RAS receiver

to accommodate propagation model mismatches and RFI measurement/testing during the
CWC+RAS phase.

To limit overhead due to Towciras, 1t should be substantially larger than Tewceiras-
On the other hand, Tewciras + Trasx causes a physical layer off duration for CWC which
affects CWC’s latency performance. To limit the latency, we can introduce a constraint
of maximum physical layer off duration 7, max such that Towciras + Traske < Toff,max-
Such constraint can be relaxed if there are other CWC-only resources or shared resources
to support the required latency performance. The resource allocation between Tcwc , and
Tras,x could be set based on an agreed spectrum sharing policy and an advanced approach
is described in Section [6.4.4l

We allow CWC BSs/users to transmit during their P2TIs provided their transmissions
do not cause RFI during the RAS only phase. Let JSS/\A/ZJ denote the index set of §S\A§s such
that BS ¢ is located within each of these SSAZs and d;,, represent the distance of BS 7 to
S/S\A_im, m € JSS/\A/Z,Z" We will use orthogonal frequency division multiplexing (OFDM) since

with a proper precoding it can also represent a single-carrier system. Let Ty, represent

the OFDM symbol duration including the cyclic prefix interval. Then, we can design P2TI

124



W, | | W,

Sewea (f) ‘ | Sewcz (f)

LAARASZL L

e

Af; fc,Z f

Figure 6.3. Power spectral density of CWC signals appearing at the two observation bands
of RAS

during the CWC+RAS phase for BS 7, denoted by Tey; as

T —d; 108
Tows = min | cwo+ras — dim/ (3 % 10°)

mEJsgxz. Tsym

J Toym (6.5)

which represents an extension of the CWC transmission duration for BS i. The minimization
in the above design avoids causing RFI to RAS when a BS is located within an overlapped
region of two or more individual SSAZs. For example, within SSAZ; in Fig. [6.2] P2TIs are
computed based on RAS site 1 for the BSs in the red group, on RAS site 2 for those in the
blue group; but P2TTI of a BS in the yellow group is selected as the minimum of the two
extension durations due to RAS site 1 and site 2. By this, the yellow group avoids RFI to
both RAS sites. Note that different BSs in the same SSAZ have the same durations of the

three phases but their P2TIs can be different depending on their locations.

6.4.3 Design for Multiple Shared Bands

The design presented in the previous sections can be extended for multiple shared bands. As
an example, we consider a scenario with two shared bands. For simplicity of exposure, we
assume in each band that the CWC carrier frequency and the RAS observation band center
frequency are the same. Furthermore, the bandwidths of CWC and RAS are the same in
each band but are different from band to band. Fig. shows the power spectral density
(PSD) of CWC signals appearing at the two observation bands of RAS, where f., and W;
are the center frequency and the bandwidth of the ith band of CWC/RAS. We need to

determine the SSAZ such that RFI to the RAS’s data collection in any band is less than the
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acceptable interference threshold. The OFDM system at the uth band has an avergae BS
transmit power of Pgs.,, a subcarrier spacing of Af,, an OFDM symbol duration of 1/Af,
(including cyclic prefix; thus Af! < Af,), N.. used subcarriers with their subcarrier index
set Z,, and the carrier frequency f.,. Then the PSD of the CWC signal at the uth band,

denoted by Scwc. (f), is given by

Scewcw (f) =

PBS,u sin02 (f B fc,u - ZAfu) : (66)

2 NoLAT, AT,
where sinc(z) = sin(rz)/(7z). The normalized interfering CWC signal power centered at

fen with bandwidth of W, within the RAS observation band centered at f., with bandwidth
of W,, denoted by Ls (feus Wau, fews Wy), is calculated as

fC,UJ'_i fCU+WU 2

Scwcu (f / Afy/(Newr?)
Ls CU?W’UJ cv;Wv - d < d 6.7
(s Wos s W) f/wv e EIj G (6T)

3 Af, Wv/(Nuﬁ ) |
5 (feuHiAf = foo +75) (e +IAS = foo — 1)

Therefore, the SSAZ is defined by the radius Rgsaz given by

Rssaz = max (Rssaz,1, Rssaz2), (6.8)

Rssaz, = min g,
0

i0o+S i0+S

Tina
1. P K;L(r;, f. P, K;L(r;, fe1)Ls (feo, Wo, fe1, W7) < —————,
S Bs’li:zzo;—l (15, fer) + Bs,ziglj (7iy fe1)Ls (feo, Wa, fe1, Wh) GG
Rgsaz2 = H%;Il Ti
io+S i0+S ]h
£ B KL(ri, fo2) + P KL(ri, fo2)Ls (for, Wi, foo, Wa) < 02—
s Bs,zi%l (74, fe2) + BS,liZI (74, fea)Ls (fea, Wi, fe2, Wa) G

where Iy, and Iy o are the interference thresholds of the two bands. Similarly, the PPP
model described in subsection [6.4.1] can be used to define the SSAZ.
Now, we introduce a frame time offset between the frames of the two bands such that

the physical layer off duration (hence latency) of CWC is minimized. This results in a
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Figure 6.4. Time-frequency division spectrum access for two shared bands
time-frequency division spectrum access for CWC and RAS. Fig. illustrates the frame
structures for the two shared bands. In this case, with a time offset of 7;/2, the physical

layer off duration is reduced from Tras +Tcwcesras to max([Tras +Toweirras — Towe]/2,0).

6.4.4 Resource Adaptation based on CWC Traffic Statistics

CWC wireless traffics show specific temporal usage characteristics and an example of such
statistics within a day is shown in Fig. [25]. Utilizing such traffic statistics, we propose to
enhance the resource allocation through adaptation across time. We consider two resource
allocation problems under the constraint that CWC and RAS must have predefined minimum
resource amounts in each frame and the predefined ratio of the total resource amounts per
day between CWC and RAS is approximately maintained. In the first problem, we optimize
the resource allocation across time to maximize CWC traffic support. In the second, we
maximize the allocated resources to RAS across time during each day while limiting the

CWC blockage probability per hour.

Single Shared Band

The frame structure at hour k£ can be defined by Tewe k, Tewet+ras, and Tras . Suppose
one subframe duration Ty is the minimum time unit that can be allocated among the three
phases, and there are C' resource blocks within T;. One frame duration T has n; subframes.

The numbers of subframes within TCWC,k; TCWC—i-RAS, and TRAS,k are Ncwc,k, NCWC+RAS; and
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Figure 6.5. An example of average (normahzed) traffic load within a day
ngras,k respectively, where newcer + newces+ras + nrasy = 1 is the same across all hours.
Note that the actual traffic load fluctuates and hence it can sometimes be higher than the
average traffic load during the considered hour. Suppose the CWC system is designed to
support a maximum of nyax,cwe C' resource blocks per frame which is o times the maximum
average traffic load, e.g., a = 1.2. First, the average traffic loads per frame across 24 hours
are scaled in units of resource blocks, e.g., Ay arrivals per frame, each requiring a resource
block, during hour k. Then, with Ap.x = maxg(Ag), we have nyax.cwe C = QApax. For
illustration, the actual traffic per frame during hour % is modeled as a Poisson process with
mean \,. Let Fj, = A\l exp(—Ax)/n! denote the probability that n resource blocks/frame
are requested during hour k. Then, the CWC throughput per hour for hour %k, denoted by
pr(ncwe,k) or simply pg, is defined as
Pr = Z F, min (n, newe, C) - (6.9)
n=0
Suppose CWC and RAS require a minimum of nyin cwe and 7min ras subframes respec-
tively in each frame, and the ratio of resource amounts per day between CWC and RAS
during the CWC only and RAS only phases is v. Then our first resource allocation prob-

lem becomes designing the time-dependent frame structure to maximize the average CWC
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throughput as

24
P1 : arg max Z pr(newek), (6.10)

{”CWC,k} k=1
24

s.t. Cl: ZnCWCk < Newc,
k=1

C2 : Nmin,cwe < newcek < Mmax,cwe  VE.

The constraint C1 is to satisfy the ratio v of resource amount per day between CWC and
RAS, where Ncwce is the maximum total number of subframes that can be allocated to
CWC during a day which is a function of v, and Newe = 24 (nf — ncwosras) v/ (1 + 7).
The constraint C2 is to make sure that CWC and RAS have at least a minimum number of
subframes per each hour, and np.x.cwe = 7 — Rowc+rRAS — Mmin,rAs. Note that v has to be
less than or equal Yimax, Where Vmax = Nmax.cwe/Mmin rAs 1S the maximum achievable ratio of
resource amounts, otherwise the problem P1 will be infeasible.

The optimization P1 is a mixed integer convex programming (MICP) problem, and it has
two difficulties. First, ncwc, has a non-convex integer constraint. Second, although pj in
is a concave function, it does not have a closed-form expression, and hence we cannot
use the existing MICP solvers (e.g. MOSEK [87]). As a solution to the second difficulty,
we truncate the infinite sum in to a finite number of terms, and then we solve the
optimization problem with the truncated expression by any existing MICP solvers. We keep
increasing the number of terms and solving the optimization problem until the resulting
throughput effectively does not change. However, the number of needed terms increases
as A increases. Alternatively, we can avoid the second difficulty by applying an accurate
approximation to as follows. Using the Gaussian approximation of Poisson distribution,

which is accurate for A\, > 10 [120], we approximate py by pr expressed as (see Appendix A)
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(nower C — M)
2

- n C—-X A
P = newer C — (nowep C — M) @ ( CWek k) - .

\/)\—k —exp(— )7

(6.11)

2T

where ® (x) is the cumulative distribution function (CDF) of the standard normal distribu-

tion | It can be shown (see Appendix B) that

P ( (nCWCkC_)\k)>
_9%  _cof1-9 ’ , 6.12
oncwa,k Vg (6.12)

which is a monotonically decreasing function. Therefore, pj, is a concave function. Now, we

can use any MICP solver for P1 but with p;. We also apply another method which solves
an integer-relaxed problem and then applies an appropriate rounding [21]. Both methods
converge to the same solution. We adopt the second method (which has lower computational
complexity) to solve the problem P1. Let P1 be the integer-relaxed problem of P1 but with
Pr. Since py is a concave function and the constraints C1 and C2 are convex, the problem
P1 is a convex optimization problem. Therefore, solving the dual problem of 151, denoted
by D-f’l, gives the same solution of the problem P1. Define the Lagrangian to be
2 24
L({ncwer}, 1) =Y o —p (Z NeWC,k — Ncwc> : (6.13)
k=1 k=1
where p is the Lagrange multiplier associated with the constraint C1. The problem D-P1 is
given by .
D-P1: argmax L({ncwcxk}, 1), (6.14)
{ncwc,k}n

s.t. C2 : nin,cwe < Newek < Nmax,cwe VK.

We propose a successive resource allocation method solving the problem D-P1. Dropping

C2, the Karush-Kuhn-Tucker (KKT) conditions are

oL nCWCkC_)\k)>
Incwa k ( < VA s (6.15)

3For practical system parameters, \;’s are quite greater than 10 which yield an accurate approximation
for pr. We observe in our evaluation that solving P1 with p; gives the same optimal solution obtained by
solving P1 with py.
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24
% (Z newe,k — Ncwc) =0, (6.16)

k=1

where p > 0. From ([6.15)), we get

newek C — A newe, C — A

Vi VA

for k,1 € {1,2,...,24}. Using (6.16]) and (6.17]), we can solve the resource allocation problem

(6.17)

D-P1 in a successive manner to satisfy C2 as illustrated in Algorithm [1] which is described in
the next page. Let fasca(+) represent a function which orders {\} in an ascending order and
fa_si/\() be the corresponding inverse ordering function. Then, for {A\} = fusen({\i}), we
have {\c} = foe, L({}). Generally, elements of {ﬁCWC,k}kM: ; obtained by Algorithm |1f are
not integers. Thus, we proceed as follows. First, the quantity A = Newe — Ziil | Rewe k|
and the set D = {[fcwcr]| — ﬁcwc,k}QiJ are calculated. Next, we set newer = |[Rewek]
for k = J,J+1,...,M. Then, we distribute A over as many elements of {fbcwc,k}éviJ
as possible by 1-unit increase according to the ascending order of D. Next, we obtain
{ncwon} = fasen{cwer}) and then ngask = s — newerras — noweyk Yk € {1,2,..., 24}

The second resource allocation problem is to maximize the allocated resources to RAS
provided that constraints on the CWC blockage probabilities per hour denoted by { By} are
satisfied. For hour k, By, defined as the ratio of the average blocked traffic requests to the

average total traffic requests, is given by (see Appendix C)

o0

1

By = " Z (n —newer C) Fip
k n=ncwc,r C+1
n C
= 1= Qrower C =1, M) = =215 (1= Q (nower & M), (6.18)

where Q (z, \) =>""_, W is the regularized incomplete gamma function.

The resource allocation problem P2 reads as

P2 : arg min nowe g, (6.19)
nNcwa,k
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Algorithm 1 Resource Allocation P1

Input: {\;}, C, Nmin,cwe, Pmax.cwes Newe

Initial: J =1, M =24, flag=1
1: Obtain {)\k} and fa_si,)\(') s.t. {)\k} = fasc,)\({)\k})
2: while flag do

Ncwc—zzlcw:J % (S\k_\/ S\kS\J)

M /X
py ﬁ

3: newe,s =

4: for k=J+1to M do

5: Newe,k = \/%ﬁCWC,J + % <)‘k Y /\k)‘J>
6: end for

7 flag =10

8: while ﬁCWC,J < Npin,CWC do

9: NCWE,J = Mmin,CWC
10: NCWC = NCWC — NMmin,CWC
11: J=J+1
12: flag=1

13: end while
14: if not flag then

15: while ﬁcqu > Nmax,CWC do
16: NOWC,M = NMmax,CWC

17: Newe = Newe — Nimax,cwe
18: M=M-1

19: flag =1

20: end while

21: end if

22: end while
Output: {cwer}. J, M, fa_si,/\(')

s.t. Cl: Bk S €L,

C2 : newck 2 Nmin,cWC5

where ¢ is the maximum CWC blockage probability at hour k. Note that ¢, has to be
greater than B, ,, where By, is the minimum CWC blockage probability at hour &
when newer = ne — nowetras — 1 (only one subframe is allocated to RAS), otherwise no
subframes will be allocated to RAS or the problem P2 will be infeasible. The constraint C2

is to guarantee at least a minimum number of subframes for CWC per each hour or it can
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be viewed as a maximum CWC blockage probability Bpaxk = Bk (Pmin.cwe). The solution
of the resource allocation problem P2 is to set ncwe x = Nmin,cwe if € > Bmax k- If Bming <
€ < Bumax.k, ncwe,x can be obtained by bisection search (or any other one-dimensional search

method) within [N, N,], where N; = nyincwe and N, = ng — newctras — 1.

Two Shared Bands

Now, we consider the case of two shared bands (Band 1 and Band 2) between CWC and
RAS. The two bands may have different ratios of resource amounts between CWC and RAS
given by v and 7,. In addition, they may have different bandwidths, but we assume that
they are in the same frequency range. Therefore, they can have the same frame length Tt,
but with different numbers of resource blocks per subframe given by C; and C5. Thus, the

CWC throughput maximization problem P3 can be written as

24

P3: argmax Z pr (Cincwerk + Cancwozk) » (6.20)
{nCWCv,k} k=1
24

s.t. Cl: ZnCWCv,k < Nowco Vv,
=1

C2: Nmin,CWC < NCowWCw,k < Nmax,CWC VU, ka

where v € {1, 2} referring to the band number, and Newe, = 24 (nf — newetras) Yo/ (1 + 7).
Since CWC throughput is a function of the sum of total available resource blocks rcwe i =
Cincwerk + Cancwces g, we divide the problem P3 into two sub-problems P3.1 and P3.2 or

P3.3 as will be discussed next. The first sub-problem is given as

24

P3.1 : argmax Z pr (rewe k) (6.21)
{Tcwc,k} k=1
24

s.t. Cl: Zrcwc,k < C1Newer + CaNewces,
k=1

C2: (Cy 4 C3) nmincwe < rewer < (C1 4+ Ca) Naxcwe  VE,
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where in P3.1 we combine the constraints of the two bands to be similar to that of the single
band case.

We can notice that P3.1 has the same structure of P1, and hence it can be solved using
Algorithm 1 to obtain {Fcwcr} where {Fowcr} = fasea({rewcr}). Then, {Fowcr} are
distributed among the two bands satisfying the constraints of the original problem P3 as
follows. For {fcwc,k}g;ll and {fcwc,k}ii wy1s the corresponding CWC resource amounts
{ﬁcwcv,k}g;ll and {fiowew k oty 41 in each band will be the same as 7min cwe and Nmax,cwo
respectively. For {ﬁcwcv,k}gi ;» there are many ways of distribution among the two bands
having the same {fCWC,k}Q/[: ;- For the case of two different bandwidths (C; # C5), we propose
to choose the solution maximizing the minimum sum of numbers of CWC subframes per hour
in order to have a minimum latency. In other words, the second sub-problem can be given
by

P3.2: argmax min{ficwery + Aowoak e, (6.22)

_ M
{"CWC“vk}k:J

s.t. Cl: ﬁcwc17k01 + ﬁcwczkcg = 'FCWCJC Vk € {J, J+1,..., M},
24

C2: Zﬁcwcv,k < Newew Vo,
=1

C3: Tmin,CWC S ﬁCWCv,k S Nmax,CWC VU7Vk € {Ja J + 1a S 7M}7

where the constraint C1 represents the output of sub-problem P3.1. For the case of same
bandwidth (C; = Cy = C), {ficwerx+cweek oL ; is already determined by {fcwc,k/C}]kw:J.
Hence, one way of allocation is to distribute the resource equally, as much as possible, among
the two bands. In other words, it can be given by

P3.3: argmin max {|Rewcir — ﬁch2,k|}i\4:J (6.23)

_ M
{nCWC“’k}k:J

s.t. Cl: ﬁcwch + ﬁCWCZk = fcwcjk/c Vk € {J, J+1,... ,M},
24

C2: Zﬁcwcu,k < Nowcw, Vo,
k=1
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C3 : Npin,cwe < Reweok < Mmaxcwe Vo,V e {J,J+1,..., M},

where the constraint C1 represents the output of sub-problem P3.1. The problems P3.2 and
P3.3 are convex optimization problems since the constraints of the two sub-problems are
convex and the objective functions are concave and convex respectively. Therefore, they can
be solved by convex programming techniques such as interior point methods [2I]. Then,

elements of {ﬁcwcv,k}kMz ; are rounded by a similar way to the one used for P1. Next,
we obtain {ncweek} = faer({cwovs}) and then nraser = nf — NEWCrRAS — NCWCUK
Vi € {1,2,...,24}, Vo.

The second resource allocation problem P2 can be extended to the case of two shared

bands as shown below as P4,

P4 arg min max {nCWCLk, ncwcgjk}, (624)
NCWC1,k) P"CWC2,k

s.t. C1 : Bi(ncwer xCh + newee, Ca) < €,

C2 : newcwk = Nmin,cWC V.

Similarly, P4 is divided into two sub-problems, P4.1 and P4.2, in terms of rcwc x as follows,

P4.1 : argmin rowe g, (6.25)

TCWC,k

s.t. C1: B(rewer) < e,

C2 : rewek = (Cr + C2) Nmin,cwes

where P4.1 is solved by the same way as in P2. Then, rcwc, is distributed among the two

bands, if with different bandwidths, as in P4.2,

P4.2 . arg min max {nCWCLk, ncwczk}, (626)
NCWC1,k> TCWC2,k

s.t. C1 : newer xC1 + newez xkC2 = rewe ks

C2 : newcw k. = Nmin,cWC Vo,
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where the constraint C1 represents the output of sub-problem P4.1. The sub-problem P4.2
is a convex optimization problem since the objective function and the constraints are convex.
Therefore, it can be solved by convex programming techniques such as interior point methods
[21]. If the two bands have the same bandwidth, then ncweix = neweozr = rewek/(20).
Finally, ncwci x and newcee,, are rounded up.

In our resource adaptation scheme presented above, the resources are allocated for each
hour. The time interval of resource allocation (which we will call resource allocation time
unit) can be set to other value as needed. For example, we can set the resource allocation
time unit to have a duration of 15 minutes instead of an hour, and in this case the total

number of time units per day N will be 96 instead of 24.

6.4.5 Resource Adaptation based on Spectrum Access Characteristics of CWC
and RAS

In practice, RAS sometimes has down-times due to maintenance, equipment update, calibra-
tions, testing, etc. Except for RAS calibrations and testing down-times, the other down-times
can be incorporated in the resource adaptation. Let {2 be the set containing the resource
allocation time units of RAS down-times (except for RAS calibrations and testing down-
times) for a considered day, and H be the size of Q. If € is not time-sensitive within that
day and can be designed, the proposed strategy is to set them to be the H resource allo-
cation time units centered at the time unit with the highest traffic load. This setting is
logical since the time units CWC wants the most with all spectrum resources are during its
highest traffic load. The resource allocation algorithm first assigns all spectrum resources
to CWC for the time units defined in 2. Next, we modify the previous resource alloca-
tion problems by excluding the resource allocation time units of 2 and adjusting Newe to
be Newe = ((Nyime — H) (nf — newcosras) ¥ — Hng) / (1 + 7). Then, solving the modified
problems in the same way as before gives the resource allocation for the time units outside

Q.
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6.5 Built-in Fine Tuning

RAS requires to have spectrum access without harmful RFI while CWC desires to have
more spectrum access opportunities. The proposed approach facilitates them by means of
the SSAZ and BS-dependent guard time intervals during the CWC+RAS phase. However,
the channel conditions, the cell structures, and the wireless traffic statistics in practical
environments may be different from those used in the design. Thus, meeting the system
design goal (e.g., avoiding harmful RFI for RAS) is uncertain. For this critical practical
issue, we propose a fine tuning mechanism which is a built-in characteristic of the proposed
three phase spectrum access. During initial deployment stage, the CWC+RAS phase is
designed conservatively to avoid causing RFI to RAS in the RAS only phase. We also equip
each RAS site with additional processing units to measure RFI from CWC and propagation
delays of in-zone CWC BSs. CWC and RAS coordinate for automatic fine tuning.

In the first phase of fine tuning, we adjust the SSAZ. RAS main receiver is used to
measure RFI from the CWC cells outside SSAZ during the CWC+RAS phaseﬁ (e.g., by
subtracting the noise power estimate from the received power estimate). If RFI level is below
the acceptable threshold, increasing the SSAZ is not required. Otherwise, SSAZ should be
increased by including the bordering outside tier of cells. This process is repeated until the
RFT level falls below the acceptable threshold. If the RFT level is substantially lower than
the threshold, we can remove CWC cells in the bordering inside tier from the SSAZ, one at
a time, as long as the RFT level is below the threshold.

In the second phase of fine tuning, we adjust P2T1Is for cells within SSAZ. BSs within
SSAZ, one at a frame according to the predefined order, transmit predefined training signals
during a few beginning symbols (duration less than initial Tey ;) of the CWC+RAS phase.

RAS measures power levels of the received training signals either in the same way as the RFI

4 Auxiliary receivers could also be incorporated in performing these tasks as in [15} 23] [62]
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measurement mentioned above or based on the power of the channel estimates computed
based on the training signals, e.g., [85]. RAS also measures the propagation delays of those
training signals (e.g., based on the delay in the channel estimates [85]). Then {Tey,} are
adjusted to be the largest integer multiple of Ty, such that CWC transmission during 7ty ;
at the beginning of the CWC+RAS phase does not cause RFI to the RAS only phase. RAS
control station can compute the updated Ty ; and feed it back to BS .

The above two phases of fine tuning just need to be done once at the initial deployment
of the shared spectrum access. During that time, both CWC and RAS can operate in their
respective CWC only phase and RAS only phase, thus, without any interruption of their
normal operation. If needed, the CWC+RAS phase duration can also be adjusted. Due to
service evolution, new CWC cell sites may need to be added or the existing cells may need
to be re-structured (e.g., with different coverage zones). Similarly, new RAS sites may be
introduced or a different level of RFT threshold may be imposed. For those scenarios, the fine
tuning task can be invoked on a demand basis during the CWC+RAS phase. This provides
a flexible coexistence between CWC and RAS while accommodating service evolutions of
CWC and RAS.

Note that backbone communication between CWC and RAS is required for coordination
but it would be infrequent and with low data rate. Furthermore, timing synchronization is
required between CWC BSs and RAS receivers. For this, one can adopt an existing inter-BS
synchronization scheme as used in TDD systems [132] to avoid inter-cell interference between
uplink and downlink. In fact, the fine tuning task also provides fine timing synchronization.
As mentioned before, each BS can transmit known training signal during the fine tuning
stage from which RAS can obtain the combined timing offset and propagation delay (e.g.,
[85]). Then RAS can provide feedback to CWC BSs through the backbone link to adjust
their transmission time. Since this feedback is not time-critical, the feedback link can be

based on a dedicated backbone link or even an internet-based connection between CWC
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Table 6.1. SSAZ radius for different CWC cell types and frequency bands
CWC Cell Type System Parameters SSAZ Radius (Rgsaz)

Hexagon Cells PPP Model

f. = 2.695 GHz, Rowe = 1 km

Ppg =43 dBm, Gcwe = 0 dB 139.45 km 139.59 km
Macro Cells nnLos = 4 [47], 5 = 0.006 dB/km [58]

Gras = —13 dB [59] Iy, = —207 dBW [50]

hcwe = hras = 24 m

f. = 24 GHz, Rowe = 200 m

Pgs = 30 dBm, Gowe = 0 dB 40.06 km 40.06 km
Small Cells nnLos = 3.4 [112], = 0.23 dB/km [58]

Gras = —13 dB [59], I s = —195 ABW [56]

hewe = hras = 24 m

and RAS inter-system control/management units. Such fine timing synchronization can be

implemented on a regular basis (e.g., once per day) or a need-basis.

6.6 Performance Evaluation

6.6.1 Shared Spectrum Access Zone (SSAZ)

The first step in our design is to determine the shared spectrum access zone. We evaluate
the radius of the SSAZ for two different types of CWC cells and frequency ranges, namely,
macro cells operating at the microwave frequency band and small cells operating at/near
the millimeter wave (simply called mmWave) band. The systems parameters and the corre-
sponding SSAZ radii are listed in Table[6.1] We observe that Rggaz with small cells is quite
smaller than that with macro cells due to the higher propagation path loss and the smaller
BS transmit power of mmWave signals. In addition, we observe that Rgsaz obtained with
the assumption of hexagon CWC cells is approximately the same as that obtained with the

assumption of PPP model with pgs = (3\/§R%WC / 2)_1. Next, we perform our remaining

5The radio astronomy station receives CWC interference through the antenna side lobe.
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Table 6.2. Simulation parameters for mmWave shared bands

Parameter Value

Carrier frequencies (fc 1, fc2) 24, 26 GHz

Bandwidth (W) 500 MHz

Subcarrier spacing (A f) 720 kHz

Index set of used subcarriers (Z) {=345,...,—-1,1,...,345}
Symbol duration (Tsym) 1.604 pus

Cyclic prefix (CP) 215 ns

Subframe duration (Tf) 38.5 s

Frame duration (7%) 1.694 ms

No. subframes per frame (ng) 44

No. of resource blocks per subframe (C) 115

No. of subcarriers per resource block 6

Traffic normalization constant () 1.2

Ratio of resource amounts per day between CWC and 4/3

RAS (v)

Min. RAS duration per frame (Tinin,RAS) 0.4235 ms (NminrAs = 11)

performance evaluations using mmWave small cells since it is more appealing to incorporate
the proposed paradigm into the future 5G networks so as to avoid disruption to the operation

of current systems.

6.6.2 System Design for mmWave Shard Bands

The simulation parameters used in our next design are listed in Table [6.2]in addition to the
mmWave system parameters in Table [6.1] A subcarrier spacing of 720 kHz is used to have
robustness against phase noise. The typical RMS delay spread for mmWave channels is in the
order of 10 ns-100 ns [109]. Thus, a cyclic prefix (CP) of 215 ns is appropriate to mitigate the
inter symbol interference (ISI). The CP overhead is about 13.5% of the symbol duration. A
time division duplex (TDD) mode is considered in which the uplink and downlink subframes
alternate. A guard period (GP) of 0.7 us between the downlink and uplink subframes is

used to absorb the propagation delay.
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As two bands (24 GHz and 26 GHz) are used, yields an SSAZ with radius of
45.5 km which is larger than the single band result in Table due to the RFI induced
by the adjacent band. Note that this SSAZ size requires a time duration of 151.69 us to
absorb the propagation delays of different CWC BSs within the SSAZ. Therefore, we set
Towciras = 154 ps, i.e., nowerras = 4 subframes.

We evaluate the existing paradigm where the spectrum is allocated solely to CWC and
the proposed paradigm where the spectrum is shared between CWC and RAS according to
the proposed shared spectrum access. We consider one band and two bands. For the two
bands case, for simplicity of exposure, we consider that each of the two bands has the same
bandwidth as in the one band case, i.e., C; = Cy = C, and the ratio of the average spectrum
requirement between CWC and RAS is the same for the two bands, i.e., 11 = 1 = 7.
Similarly, the traffic loads are doubled for the two bands case if compared to the one band
case, and hence we set A\., for the two bands case twice that for the one band case. Due to

these settings, the resource allocations of the two shared bands will be the same.

6.6.3 Radio Latency

We consider the round trip time (RTT) as the minimum radio latency. The RTT is defined as
the time from the start of data transmission to the reception of the acknowledgment (ACK).
A simple RTT model is considered in which one subframe is used for data transmission,
data decoding takes one subframe interval, and then ACK is transmitted in the next reverse
link subframe. Therefore, the minimum RTT is about three subframes duration of 115.5
us. However, due to the RAS observation duration, the ACK of the last uplink/downlink
subframe is received in the next frame. In addition, if a service is required during the RAS
period, it has to wait until the next CWC period. Thus, the minimum number of CWC
subframes per frame nni, cwe affects the radio latency requirement. On the other hand, for

most of the existing CWC services, an average radio latency of 1 ms is more than sufficient.
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Figure 6.6. Maximum and average radio latency for CWC

Fig. shows the average and maximum radio latency as a function of nyi, cwc for the
proposed paradigm. The results show that in order to satisfy a maximum radio latency of 1
ms, Nmin cwe has to be at least 22 subframes for the single shared band case. On the other
hand, nmincwe is only 6 subframes for the two shared bands case assuming that TDD is
applied in both bands. If the constraint is an average radio latency of 1 ms instead of the
maximum radio latency of 1 ms, nmin,cwe decreases for both one band and two bands cases,
which is expected. Note that a smaller value of ny, cwe (for the two bands case if compared
to the one band case) could reduce unused spectrum for CWC during very low traffic load,
thus it could enhance spectrum utilization efficiency.

Note that defining nmin cwe puts a minimum value vy, for the ratio of the total resource
amounts per day between CWC and RAS that can be achieved as Ymin = Mmin.cwe/(ns —
Nmin,CWC — NCWC+RAS)- As a result, Tiatency, Mmin,cwe, and Ymin are related to each other,
and sometimes there may be a trade off between Tjatency and . For example, for the single
shared band case and a maximum radio latency of 1 ms (nmin,cwe = 22), the equal resource
allocation between CWC and RAS per day (7 = 1) is not achievable since v, = 1.22.

However, these requirements are achievable for the two shared bands case since Y, = 0.1765

with nmin,cwe = 6. Based on the results in Fig. , for the next performance evaluation, we

142



a
o

B ove i B ove i

Il ncweras [ Bl ncweras
[ Inrask [ Ingask

IS
a

N

o
N
o

w

al
w
a

w
o

w
o
N
(5]

N
(5]

N

o
N
o

-

a
P
a

Allocated Subframes Per Frame
Allocated Subframes Per Frame

i

o
P
o

o

\
\
\
\
\
\
\
\
\
\
\
\
\
\
: |
\

o

0
2 4 6 8 10 12 14 16 18 20 22 24 2 4 6 8 10 12 14 16 18 20 22 24

Time (hour k) Time (hour k)
(a) Resource allocation for single shared band (b) Resource allocation for two shared bands
(Mmin,cwe = 22) (Mmin,cwe = 6)
Figure 6.7. Adaptive resource allocation for maximizing average throughput

set Nmin,cwe to 22 and 6 subframes for the single shared band and two shared bands cases,

respectively.

6.6.4 CWC Throughput

Next, we evaluate CWC throughput performance for the one band and two bands cases
under the CWC-only spectrum allocation paradigm and the proposed shared spectrum access
paradigm. We apply the solution for maximizing the average CWC throughput (i.e., for P1
and P3). Fig. [6.7a] and Fig. 6.7b| show the resource allocation in each band during each
hour for the cases of single shared band (P1) and two shared bands (P3), respectively.
The corresponding CWC throughput performances are shown in Fig. where the average
throughput is normalized by the maximum average traffic load of each of the one band
and two bands cases for the convenience of presentation. Thus, for the CWC-only spectrum
allocation, the normalized average throughputs are the same for the one band and two bands
cases, and they are shown as one entity in the plot. For relative (un-normalized) average
throughput comparison between the one band and two bands cases, the values for the two

bands cases in the figure should be doubled.
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The results in Fig. and Fig. show that for the two shared bands case, the
resource amounts allocated to CWC approximately follow CWC'’s average traffic loads shown
in Fig. [6.5] in a better way than that for the single shared band case. At the hours with
low traffic load, the resource amount needed to maintain the CWC latency requirement
is larger than the average traffic demand for the evaluated system. Thus, it is observed
that the resource amounts allocated to CWC at the low-traffic hours are set to nmin,cwc
to satisfy the latency requirement. This illustrates a tradeoff scenario between spectrum
utilization and latency support for CWC. At the hours with high traffic load, the resource
amounts allocated to CWC are limited by nmaxcwe. Consequently, as shown in Fig. ,
CWC experiences reduced throughput at the hours with high traffic load which is expected
due to allocation of a minimum of 7y, ras = 11 subframes per frame to RAS. We also
observe in Fig. that the two band sharing gives some throughput advantage over the one
band sharing. The reason can be explained as follows. Due to the frame time offset between
the two bands, the resource amount needed to maintain latency requirement is smaller for
the two band scenario than the one band scenario. This translates that a smaller resource
amount is allocated at low-traffic hours (thus a slightly smaller normalized throughput) but
a larger resource amount at hours with medium or close-to-high traffic loads (thus a larger
normalized throughput) for the two band case than the single band case. Furthermore, we
observe that except at peak traffic load, the proposed paradigm (especially with two shared

bands) yields CWC throughput similar to the CWC-only spectrum allocation.

6.6.5 CWC Blockage Probability

Next, we evaluate CWC traffic blockage probability of the proposed paradigm under the
resource allocation problems P2 (for one band) and P4 (for two bands). Fig. 6.9 shows the
allocated subframes in each band to RAS and Fig. presents the corresponding CWC

blockage probability during each hour. To satisfy CWC’s maximum latency constraint of 1
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Figure 6.8. CWC average throughput comparison between the CWC only allocation and the
proposed shared allocation

ms, the maximum number of RAS subframes per frame nyax ras is 18 and 34 for the single
shared band and two shared bands cases respectively. Therefore, as observed in Fig. [6.9]
for the two shared band case, more resources can be allocated to RAS at the hours with
low traffic load than that for the single shared band case while satisfying the CWC blockage
probability constraint of 0.1. The results in Fig. yield the resource ratio of v = 1.7586
for the single band and v = 1.2482 for the two bands case. On the other hand, Fig. [6.10
shows no blockage at the hours with low traffic load for the single shared band case since
the minimum CWC subframes ny,in cwe to satisfy the latency requirement is notably greater
than the minimum CWC subframes to satisfy the blockage probability constraint. Overall,
the proposed allocations for both one band and two bands cases satisfy latency and blockage
probability constraints and the two bands case gives more spectrum access to RAS while the

one band case yields smaller CWC blockage probability.

6.6.6 Average Spectrum Utilization

As spectrum is a precious resource, spectrum utilization is an important performance indi-
cator for spectrum allocation and access policies/technologies. Fig. [6.11| shows the average

spectrum utilization per hour defined as n, = (px + nrasxC)/(neC) for the single shared
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Figure 6.9. Allocated subframes per band to RAS during each hour under P2 and P4
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Figure 6.10. CWC blockage probability during each hour under P2 and P4

band (P1) and nx = (pr + nras1kC1 + nras2 xCo)/(ne(Cy + Cy)) for the two shared bands
(P3). The results under P2 and P4 show similar behavior and hence the plot is omitted.
As expected, the proposed shared spectrum access yields average spectrum utilization of
about 91% which is much larger than if the spectrum is allocated to CWC only. Under the
proposed paradigm, the two shared bands case yields higher spectrum utilization efficiency
than the single shared band case. The reason is that for the single shared band case, the
average spectrum utilization decreases at the hours with low traffic load since nyin,cwc C
imposed by the latency constraint for this case is greater than the average required resource

amounts.
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Figure 6.11. Spectrum utilization comparison between the CWC only allocation and the
shared allocation

6.6.7 Performance for Different Deployment Scenarios

The performance results presented in the previous sections could be related to several de-
ployment scenarios. If the scenario is that new band(s) is (are) allocated for shared spectrum
access between CWC and RAS and CWC has no other band, then the results of the proposed
shared access represent an example performance of a fair and guaranteed shared spectrum
access. In this case, both CWC and RAS benefit from the new band(s).

Suppose the scenario is that CWC also has another non-shared band in addition to the
new shared band(s). Then the CWC’s non-shared band can be used to handle its latency
requirement and the constraint on nmincwe can be removed or reduced in the resource
allocation optimization. The result would be a throughput improvement for CWC, and an
example result can be seen in Fig. by comparing the normalized throughput between the
case With nmyincwe = 22 (single band) and that with nmyincwe = 6 (two bands).

Another scenario is that band 1 was previously allocated to CWC and band 2 was to
RAS, but now the two bands are restructured as shared bands for CWC and RAS. In this
scenario, the advantage of the spectrum restructuring can be observed as follows. First, RAS
now has certain guaranteed spectrum access in both bands but in the previous allocation

RAS does not have guaranteed spectrum access in band 1. Regarding CWC throughput
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performance, by comparing the normalized average throughput for the CWC only case with
two times the normalized average throughput of the proposed two bands sharing case, we
can infer that the spectrum restructuring provides capability of serving much higher peak
traffic as well as mean traffic. Overall, the proposed shared spectrum access paradigm offers

a win-win outcome for both CWC and RAS.

6.7 Conclusions

We have proposed a new paradigm of shared spectrum access between CWC and RAS by
means of the three-phase spectrum access strategy. Shared spectrum access zones (SSAZs)
are established around RAS sites. CWC systems within those zones follow the three-phase
access while those outside SSAZ have full spectrum access. Both time-division and time-
frequency division three-phase access schemes are presented. Interaction between CWC
latency, minimum resource amount and resource ratio between CWC and RAS is discussed.
A built-in fine tuning mechanism is described for addressing design mismatches and service
evolutions. Average traffic pattern based resource allocation is further developed. The simu-
lation results show that CWC systems within SSAZ experience slight throughput reduction
at peak traffic hours (if compared to the case where spectrum is solely allocated to CWC
only) but RAS achieves substantial RFI-free spectrum access which were infeasible in the
existing paradigm. When a new shared band is allocated or the existing CWC and RAS
bands are restructured as shared bands, the proposed approach offers benefits to both CWC
and RAS. The overall spectrum utilization is also substantially enhanced, thus illustrating

high potentials of the proposed paradigm.
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Appendix A - Derivation of (6.11)

Using the Gaussian approximation of Poisson distribution, we approximate p; by gy as
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where ® (x) is the cumulative distribution function (CDF) of the standard normal distribu-

tion.

Appendix B - Derivation of (6.12))

Using (6.27)), we can write 22— as
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Applying Leibniz integral rule [120, Eq. A.2-1]), we get
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Appendix C - Derivation of (6.18)

For hour k, the CWC blockage probability, By, in (6.18)) is derived as follows.

o

A7 exp (—\r)
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where Q (z, A) = > _, ’\I%p!(_’\) is the regularized incomplete gamma function.
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CHAPTER 7

SPECTRUM SHARING BETWEEN WIFI AND RADIO ASTRONOMY []
7.1 Introduction

One of the most widely used active wireless systems is WiFi but its deployment has caused
5-6 GHz band close to unusable for RAS (a feedback from a radio astronomer at Arecibo
radio observatory) over the past 10 years or so. There are no protected RAS bands there but
there are some exciting spectral lines to observe in that band. Thus, this chapter develops an
approach for spectrum coexistence between WiFi and RAS. Note that WiF1i uses distributed
MAC. Our work on the shared spectrum access between cellular wireless communications
with centralized MAC and RAS is presented in chapter [6]

Our main contribution in this chapter is a new paradigm of spectrum coexistence between
WiFi and RAS based on time-division-embedded distributed WiFi MAC protocols which
enable geographical and spectral coexistence between WiFi and RAS. We present detailed
design aspects, proposed MAC protocols, and advanced resource allocation based on WiFi’s
traffic statistics. Simulation study illustrates that the proposed approach can address the

needs of WiFi and RAS and provide substantially enhanced spectrum utilization.

7.2 Coexistence Access Zone (CAZ)

An important step in developing the proposed coexistence access paradigm is to define a
coexistence access zone (CAZ) within which WiFi and RAS follow the proposed coexistence
spectrum access protocol while WiFi systems outside CAZ can access their spectrum freely

but their transmissions do not cause harmful RFI to RAS. For this, we adopt the interference

1© 2016 IEEE. Reprinted, with permission, from Yahia R. Ramadan, Yucheng Dai, Hlaing Minn and
Fabiano S. Rodrigues, “Spectrum sharing between WiFi and radio astronomy,” 2016 Radio Frequency In-
terference (RFI), Socorro, NM, 2016, pp. 90-95.
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power level threshold as defined in ITU-R RA.769-2 as the maximum RFI level the RAS
receiver can tolerate and denote it by I;,. We consider downlink of WiFi with full load to
determine the RFI level at RAS. Suppose the CAZ is with radius Roaz kilometers centered
at the RAS receiver, and the WiFi hexagon cells, each with radius r kilometers, surround the
RAS receiver as shown in Fig. [7.I] In calculating interference power experienced at RAS,
we approximate each hexagonal cell by its inscribed circular cell with radius v/3r/2. This
yields closer WiFi access points (APs) to RAS than the hexagon case, thus giving an upper
bound on the actual interference power and hence a safer design for RFI protection of RAS.
The ith tier cell ring has K; = [7(2i — 1)] cells with the same distance d; = (2i — 1)v/3r/2
between AP and RAS receiver. Denote the AP of cell j at the ith tier cell ring by AP, ;.
Then, the CAZ design can be given by the radius Rcaz of the CAZ which is computed based

on I, outer tiers of WiFi cells as

Reaz = min{(2io — 1)V/3r/2}, (7.1)

where Pap is the transmitted power of WiFi APs, and L (d;) is the total propagation
loss at the ith tier. Note that due to terrain constraints, associated path-loss and antenna
down-tilting, using a finite I,y is justified. Fig. [7.1] illustrates the tiers of WiFi hexagon
cell rings around an RAS receiver, as well as the outer tiers (I, = 2 for presentation
convenience) used in defining the CAZ. In this illustration, the CAZ is composed of 3 tiers
(for presentation convenience) of WiFi cells, and WiFi transmissions in these cells follow the
proposed coexistence access protocol. WiFi transmissions in other cells follow their original
access protocol.

The total propagation loss is given by

Ly

Ligt = =——F—,
GwiriGrasLs

(7.2)
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Figure 7.1. Tiers of WiFi cell rings around an RAS receiver.

where Gwip; is the transmit antenna gain of WiFi APs, Ggrag is the antenna gain of RAS
receivers (for WiF1i interferences), that appears in the band of RAS, and L, is the propagation
path loss. WiFi adopts orthogonal frequency division multiplexing (OFDM) technology.
Suppose the OFDM system has a subcarrier spacing of Af, an OFDM symbol duration
of 1/Af" (including cyclic prefix interval; thus Af’ < Af), N, used subcarriers with their
subcarrier index set Z, and the carrier frequency of fVi1. Then the power spectral density
(PSD) of the WiFi OFDM signal is given by

SWiFi (f) = Z PAP Sin(32 <f _ f(}zl;/_ ZAf) (73)

where sinc(r) £ sin(rx)/(7z). Note that the existing PSD expression (e.g., in [64]) uses
Af"= Af in the above equation which is inaccurate due to the cyclic prefix. Fig. shows
how the PSD of WiFi signal appears at the observation band of RAS since both systems
operate at frequency bands close to each other, where fR4S is the RAS observation band
center frequency, WH4S is the RAS observation bandwidth, and WWi is the bandwidth of
WiFi. The normalized interfering WiFi signal power within the RAS bandwidth, denoted

by Ls, is calculated as

Ju

fu
. SwiFi (f) AJN/(]\/'qu)
Ls_/ P <Zf/ 7

hi
B Z Afl WRAS/(Nuﬂ.Q)
T (WAL — B) (S A~ f)

(7.4)
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where fi = fRAS _ W2 ang f, = fRAS 4 —WI;AS.

2
Note that Lg is evaluated in [64] after applying Maclaurin expansion of the function
sinc? (x). Therefore, the expression of Lg in [64] is accurate only for any small frequency
window inside the WiFi band. Since the two systems are separated in frequency, using the
expression of Lg in [64] is not valid. That is why we derive an upper bound which is valid
for any frequency separation.
As for the propagation path loss L,, we adopt the empirical propagation model in [82].

This model is shown to have good fit to actual measurements for large distances in order of

tens kilometers [11].
7.3 Coexistence MAC Protocols

After determining the CSZ, the next step is to show how WiFi MAC protocol can be modified
(for WiFi devices within the CAZ) to enable the coexistence between the two systems. The
idea is to develop a time-division approach such that all WiFi devices within the CAZ
are silent during the time intervals allocated to RAS. Since WiFi systems use distributed
medium access control (MAC) protocol, to maintain compatibility with the existing WiFI
MAC protocol principle, we propose to embed the time division spectrum access between
WiFi and RAS within the distributed MAC framework. We make a brief review on the WiFi

access and sensing modes. Then, we present the proposed coexistence schemes.

7.3.1 An overview on WiFi access and sensing modes

The MAC layer of WiFi networks is based on carrier sense multiple access with collision avoid-

ance (CSMA/CA). The fundamental mechanism is called distributed coordination function
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(DCF) which is a random access scheme based on CSMA/CA. DCF has two access modes
for packet transmission. The first one is the basic two-way hand shaking mode called basic
access. If the channel is sensed idle for a time duration equal to a distributed interframe
space (DIFS), the WiFi node can transmit. If the channel is sensed busy, the node monitors
the channel until it is measured idle for a DIFS, and then it generates a random backoff
interval before transmission. The successful transmission is identified by the reception of
an immediate acknowledgment after a time duration called short interframe space (SIFS).
Note that the basic access mode applies physical carrier sensing. The second access mode
is the four way hand shaking mode called request-to-send/clear-to-send (RT'S/CTS). After
the channel is sensed idle or after the random backoff time, the sender WiFi STA reserves
the channel by sending an RTS frame. The receiver sends a CTS frame to acknowledge
the reception of RTS. The RTS and CTS frames include information about the length of
the packet to be transmitted and hence the time duration needed for transmission. Other
WiFi nodes apply virtual carrier sensing by decoding the CTS frame and setting an inter-
nal counter called network allocation vector (NAV) equal to the time duration needed for
transmission. During this duration, they do not sense or access the medium. Similarly, the

successful transmission is identified by the reception of an immediate acknowledgment after

a SIFS.

7.3.2 Proposed coexistence MAC protocols

We consider beacon transmission based WiFi association [111]. WiFi AP transmits a bea-
con frame periodically, and WiFi STAs connect to that WiFi AP if the beacon frame is
received properly. The beacon frame is transmitted every target beacon transmission time
(TBTT), denoted by Trgrr, after a time duration defined by the point coordination function
interframe space (PIFS) to ensure the medium is free.

The proposed coexistence schemes are shown in Fig. [7.3] Across time, we divide every

TBTT into three phases, namely, WiFi only phase, Pre-RAS phase, and RAS only phase
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Figure 7.3. Proposed coexistence MAC protocols for beacon transmission based WiFi asso-
ciation.

with time durations of Tywiri, Tpre_ras, and Tras respectively. The duration of the three
phases can be time-dependent and different from TBTT to another TBTT. During the WiFi
only phase, WiFi nodes can transmit physical protocol data units (PPDUs) but RAS does
not collect data as it is heavily corrupted by RFI from WiFi devices. In fact, during such
time intervals, RAS switches off its external scientific data measurement but it can measure
its reference noise power level (as used in VLA telescopes of NRAO). The Pre-RAS phase
consists of either a beacon frame or a special clear-to-send (SCTS) frame (depending on the
WiF1i access mode) followed by a guard time T to absorb the propagation delays of different
WiFi devices. T can be designed as

To = xo [RCAZ/ (3 x 108)} (75)

g

156



where Rcaz is in meters, o is the WiFi time-slot duration in seconds, and k > 1 (e.g., k = 2)
is to accommodate propagation model mismatches. During the RAS only phase, there is
no WiFi transmission within the CAZ. Thus, RAS is free from WiFi-induced RFI. RAS
conducts reliable data collection during this phase.

Time-division-embedded beacon-based distributed M AC: The proposed beacon based
coexistence protocol is based on a modified basic WiFi MAC access mode as shown in Fig.
[[.3al The beacon transmission based WiFi association is modified to act as follows. Af-
ter the reception of the beacon frame, WiFi nodes keep silent for a time duration equal to
T + Tras. Note that Tpe_ras = I + Tq, where Tg is the time duration of the beacon
frame. The remaining time of T is left for WiFi only phase. For practical deployment,
this proposed protocol needs to be included in the WiFi access modes as a new WiFi access
mode for coexistence. Moreover, the RAS observation time should be known and updated
for all WiFi nodes within the CAZ.

Time-division-embedded CTS-based distributed MAC: Fig. [7.3b|shows the proposed
CTS-based coexistence scheme, where we assume that DCF applies RT'S/CTS access mode in
order to exploit the virtual carrier sensing. During the Pre-RAS phase, WiFi APs broadcast
a special CTS (SCTS) frame having a value in the packet length field long enough for the
RAS observation time which is equal to the remaining time in that TBTT. After receiving
this SCTS frame, WiFi STAs keep silent until the next TBTT. The SCTS frame is followed
by the guard time Tg. Note that Tp.._ras = Tors + T, where Ters is the time duration
of the CTS frame. It is worth mentioning that one SCTS can make WiFi devices silent for
a time duration between 1ms and approximately 32ms with 1ms step. A typical value for
Trerr is 100ms. Thus if the required RAS observation time is more than 32ms per each
TBTT, multiple SCST are sent to satisfy this requirement. Note that for the proposed
CTS based coexistence scheme, WiFi APs should know the required RAS observation time,
while WiFi STAs do not need this information. Therefore, any new WiFi STA with CTS
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access mode entering the CAZ will follow automatically the proposed CTS based coexistence
scheme. For practical deployment, only WiFi APs will need a modified protocol to transmit
SCTS frames for reserving RAS spectrum access times.

Note that synchronization is required between WiFi backbone network and RAS for the

proposed coexistence schemes.

7.4 Resource Adaptation

WiFi wireless traffics show specific temporal usage characteristics. Utilizing such traffic
statistics, we propose to enhance the resource allocation through adaptation across time.
Under the constraint that RAS must have a minimum resource amount in each frame and
the ratio of the total resource amounts per day between WiFi and RAS is maintained, we
optimize the resource allocation across time to maximize WiFi traffic support.

The average per-user WiFi throughput at hour £ (denoted by py) is given by

B - Twirik
pr = Rpppupk

7.6
TrerT (7.6)

where Rpppu is the physical data rate and py is the normalized WiFi throughput at hour k&
provided that WiF1i utilizes the whole TBTT [34]. pi is a function of the packet arrival rate
A, at hour k, and hence it can be different for a different k[

Suppose WiFi and RAS require minimum time durations 7Tywipimin and Trag min i each
TBTT respectively, and the ratio of resource amounts per day between WiFi and RAS during
the WiFi only and RAS only phases is 7. Then our resource allocation problem becomes

designing the time-dependent TBTT structure to maximize the WiFi average throughput as

24 %
1 U
{Twirix} = arg max (ﬁ ; Pk> 7 (7.7)

TWiFi,k}

2Detail of the calculation of gy, is referred to [34].
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24

st. C1 3ZTWiFi,k < Twir,
k=1

C2 Twirimin < Twirik < TWiFimax vk,

where v is the generalized mean exponent (—oo < v < 1) representing the fairness between
different py (e.g., v = 1 represents the arithmetic mean), Twir; = 24(TrerT — TPre—rAs)Y/ (14
v) and Twirimax = TrBrT — TPre—rAS — TRAS min- Note that Trask = Trerr — IPre—RAS —
Twiri k- Moreover, we should have Ymin < 7 < Ymax, Where Ymax = Twiri max/TRAS min and
Ymin = TwiFimin/ (TrBTT — TPre—rAS — TWiFimin). In other words, Ymax and Ymi are the
maximum and minimum achievable ratios of resource amounts respectively, otherwise the
optimization problem will be infeasible. The optimization problem in is convex since
the objective function and the constraints are concave and convex respectively. Therefore,
it can be solved by convex programming techniques such as interior point methods [21].
For v = 1 (arithmetic average throughput), it can be easily shown that the optimization
problem becomes a linear programming problem. Hence, it can be solved as follows. First,
we set Tywirir = Twirimin VE. Twiri 18 updated as Tywiri = Twiri — 24TWiFimin- 1hen, Tiyir
is distributed over as many elements of {Tywirix} according to the descending order of {p;}

such that Twirir < Twiri,max VK.

7.5 Performance Evaluation

In this section, we provide numerical results to analyze the proposed coexistence access
paradigm between WiFi and RAS. The simulation parameters are listed in Table [7.I] The
WiFi parameters are based on IEEE 802.11a standard [54] while the RAS parameters are
based on ITU-R RA.769-2. Wireless traffic load statistics within a day is shown in Fig. [7.4
[25] which will be used in our performance evaluation.

Fig. shows the received interference power at RAS. As an upper bound for the

interference power experienced at the RAS receiver and hence a safer design, I, is set to oo
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Table 7.1. Simulation parameters for 5GHz band

Parameter Value
WiFi carrier frequency ( fViE i) 5.18 GHz
WiFi bandwidth (W WiF) 20 MHz
Subcarrier spacing (Af) 312.5 kHz
Index set of used subcarriers (7) {-26,...,-1,1,...,26}
AP transmit power (Pap) 40 dBm
AP antenna gain (Gwiri) 6 dB

WiFi cell radius (r) 100m

AP antenna height (hq) 10m

RAS observing center frequency gffAS 4.995 GHz
RAS observing bandwidth (WRAS) 10 MHz
RAS receive antenna gain for WiFi (Gras) —12 dB
RAS antenna height (hg) 30m

Outer tiers used to define CAZ (Ioys) 00

RAS interference threshold (Iyy) —207 dBW
RAS minimum time per TBTT (Tiyin,ras) 10ms

WiFi minimum time per TBTT (Timin, wiri) 30ms

WiFi / RAS resource amounts ratio (v) 3
Generalized mean exponent (v) 0.5
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Figure 7.4. Typical average traffic load within a day.
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Note that WiFi cells outside the CAZ access the spectrum freely.

in calculating ([7.1)). According to Fig. , the coexistence access zone is defined by 47Km
surrounding the RAS receiver. This distance requires a time duration of 162us out of TBTT

(0.162% overhead) to absorb the propagation delays of different WiFi APs within the CAZ.

As for maximizing the average WiFi throughput, Fig. shows the resource allocation
during each hour. The time resource amounts allocated to WiFi approximately follow WiFi

average traffic load. At the hours with high traffic load, the time resource amounts allocated
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Figure 7.5. Received interference power at RAS.
to WiF1i are limited by Tiipi max to satisfy the RAS minimum observation time TRag min. On
the other hand, at the hours with low traffic load, the time resource amounts allocated to
WiFi are set to Twipimn. Consequently, as shown in Fig. , WiFi experiences reduced
throughput due to the portion of the time allocated to RAS.

The resource allocation in Fig. and the WiFi throughputs in Fig. [7.7 can be adjusted
through different settings of the minimum time per TBTT for RAS and WiFi and the resource
amount ratio between WiFi and RAS. Also note that during the time intervals allocated to
WiFi, RAS could do other internal processing which is not connected to the antenna output,

for example, measuring noise power from an internal noise source as used in the old VLA of

NRAO.

7.6 Conclusion

We have proposed a new paradigm for the coexistence between WiFi and RAS by means
of the time-division coexistence access strategy. Coexistence access zone (CAZ) is estab-
lished around each RAS site. WiFi systems within the zones follow either one of the two
proposed time-division-embedded distributed MAC protocols while those outside CAZ have
full spectrum access. Average traffic pattern based resource allocation is further developed.

The simulation results show that WiFi systems within CAZ experience slight throughput
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Figure 7.7. WiFi average throughput comparison between the WiFi only (no coexistence)
and the coexistence schemes.

reduction but RAS achieves substantial RFI-free spectrum access which were infeasible in

the existing paradigm, thus illustrating high potentials of the proposed paradigm.
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CHAPTER 8

CONCLUSION

Millimeter-wave large-scale antenna systems typically apply hybrid analog-digital precoders
to reduce hardware complexity and power consumption. This dissertation proposed hybrid
precoders for millimeter-wave systems to enhance the physical layer security under two types
of channel knowledge. Based on the beamforming strategy only, the proposed hybrid pre-
coders achieve performance close to that of the fully digital precoding at low and moderate
SNRs, and sometimes at high SNRs depending on the system parameters. With the aid
of artificial noise, the proposed AN-aided hybrid precoder achieves higher secrecy rate. To
maximize average network sum-rate, this dissertation developed three hybrid precoders (ZF,
SINR-SLNR, and EV-SLNR) based on partial channel knowledge in contrast to the full
channel knowledge required in the existing approaches. This part resulted in the following

publications:

e Yahia R. Ramadan, Hlaing Minn, and Ahmed S. Ibrahim, “Hybrid Analog-Digital
Precoding Design for Secrecy mmWave MISO-OFDM Systems,” IEEE Transactions

on Communications, vol. 65, no. 11, pp. 5009-5026, Nov. 2017.

e Yahia R. Ramadan and Hlaing Minn, “Artificial Noise Aided Hybrid Precoding Design
for Secure mmWave MISO Systems with Partial Channel Knowledge,” IEEE Signal

Processing Letters, vol. 24, no. 11, pp. 1729-1733, Nov. 2017.

e Yahia R. Ramadan and Hlaing Minn, “Novel Hybrid Precoding Designs for mmWave
Multiuser Systems with Partial Channel Knowledge,” in IEEE Global Communications
Conference (Globecom) 2017, Singapore, December 2017.

The most promising low-cost THz transmitter architecture in the literature is the so-called

frequency-multiplier-last architecture. However, it is incapable of transmitting QAM due to
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the architecture’s inherent nonlinear distortions. This dissertation developed a precompen-
sation scheme which can suppress nonlinear distortions, mitigate the 1/Q imbalance effect,
and enable QAM transmission capability. The proposed precompensation scheme offers very
attractive output power spectral density control and nonlinear distortion suppression. Using
a separate measurement circuitry for testing/calibrating the THz transmitters, we proposed
an ML estimator to estimate the NLD parameters and the 1/Q imbalance parameters. We
derived closed-form expressions for the CRLBs of the system parameters estimates as bench-
mark metrics to evaluate the performance of the proposed ML estimator. We designed the
pilot sequence used in testing/calibrating the THz transmitters to enhance the performance
of the proposed ML estimator. We also presented how to trade off between complexity and
performance of the proposed scheme by means of the upsampling factor and the construc-
tion filter roll-off factor. The effects of frequency-dependent 1/Q imbalance and frequency
selective NLDs were investigated, and the results showed that the proposed scheme can
keep the total distortion within the 3GPP requirement. This part resulted in the following

publications:

e Yahia R. Ramadan, Hlaing Minn, and Mahmoud E. Abdelgelil, “Precompensation and
System Parameters Estimation for Low-Cost Nonlinear Tera-Hertz Transmitters in the

Presence of I/Q Imbalance,” accepted in IEEE Access, 2018.

e Yahia R. Ramadan, Mahmoud E. Abdelgelil, and Hlaing Minn, “Novel Pre-compensation
Schemes for Low-Cost Nonlinear Tera-Hertz Transmitters,” in IFEFE International

Conference on Communications (ICC) 2018, Kansas City, May 2018.

In contrast to the existing paradigm of geographical and spectral isolation between CWC
and RAS, this dissertation developed a three phase spectrum access which enables geograph-
ical and spectral coexistence between CWC and RAS. Shared spectrum access zone (SSAZ)
is created around the RAS site and CWC cells within the SSAZ follow the three phase
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spectrum access scheme while those outside the SSAZ have full spectrum access. Addition-
ally, system characteristics based improved spectrum sharing is developed. Furthermore, a
built-in fine tuning mechanism is presented for addressing mismatches between design and
practical environments as well as for facilitating service evolutions. Performance evaluation
results demonstrate that the proposed paradigm offers i) certain guaranteed spectrum access
to RAS which is impossible in the existing paradigm, ii) capability to handle higher peak
and mean traffics to CWC under spectrum restructuring of both CWC and RAS bands, and
iii) overall improved spectrum utilization. Furthermore, a shared spectrum access strategy
for RAS and WiFi systems was also developed by modifying the distributed medium access

protocol. This part resulted in the following publications:

e Yahia R. Ramadan, Hlaing Minn, and Yucheng Dai, “A New Paradigm for Spec-
trum Sharing between Cellular Wireless Communications and Radio Astronomy Sys-
tems,” IEFE Transactions on Communications, vol. 65, no. 9, pp. 3985-3999, Sept.
2017.

e Hlaing Minn, Yahia R. Ramadan, and Yucheng Dai, “A New Shared Spectrum Ac-
cess Paradigm between Cellular Wireless Communications and Radio Astronomy,” in
IEEE Global Communications Conference (Globecom) 2016, Washington DC, USA,
December 2016.

e Yahia R. Ramadan, Yucheng Dai, Hlaing Minn, and Fabiano S. Rodrigues “Spectrum
Sharing Between WiFi and Radio Astronomy,” in RFI 2016 Conference, Socorro, NM,

USA, October 2016.
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